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A Linear RF Power Amplifier with High Efficiency for
Wireless Handsets

Wael Yahia Refai
ABSTRACT

This research presents design techniques for a linear power amplifier with high efficiency in
wireless handsets. The power amplifier operates with high efficiency at the saturated output power,
maintains high linearity with enhanced efficiency at back-off power levels, and covers a broadband
frequency response. The amplifier is thus able to operate in multiple modes (2G/2.5G/3G/4G). The
design techniques provide contributions to current research in handset power amplifiers, especially
to the converged power amplifier architecture, to reduce the number of power amplifiers within
the handset while covering all standards and frequency bands around the globe.

Three main areas of interest in power amplifier design are investigated: high power efficiency;
high linearity; and broadband frequency response. Multiple techniques for improving the
efficiency are investigated with the focus on maintaining linear operation. The research applies a
new technique to the handset industry, class-J, to improve the power efficiency while avoiding the
practical issues that hinder the typical techniques (class-AB and class-F). Class-J has been
implemented using GaN FET in high power applications. To our knowledge, this work provides
the first implementation of class-J using GaAs HBT in a handset power amplifier.

The research investigates the linearity, and the nature and causes of nonlinearities. Multiple
concepts for improving the linearity are presented, such as avoiding odd-degree harmonics, and
linearizing the relationship between the output current and the input voltage of the amplifier at the
fundamental frequency. The concept of bias depression in HBT transistors is introduced with a
bias circuit that reduces the bias-offset effect to improve linearity at high output power.

A design methodology is presented for broadband matching networks, including the
component loss. The methodology offers a quick and accurate estimation of component values,
giving more degrees of freedom to meet the design specifications. It enables a trade-off among
high out-of-band attenuation, number/size of components, and power loss within the network.

Although the main focus is handset power amplifiers, most of the developed techniques can

be applied to a wide range of power amplifiers.
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1.

Introduction

1.1 - Research Motivation

The RF power amplifier is an important element in any wireless communications system. The
power amplifier provides a significant power amplification to the transmitted signal, leading to the
consumption of most of the system power. Hence, there is continuous research to improve the
power efficiency of the power amplifier and extend the battery lifetime of the handset.

The continuous growth in wireless communications applications has led to a fast growing
market of wireless handsets (such as cell phones and tablets). It has created an environment with
a high demand for better performance and higher data rates, and has led to the coexistence of
multiple industrial standards' (2G/2.5G/3G/4G). Each standard utilizes a different modulation
scheme with different linearity requirements. For example, the 2G standard uses Gaussian
Minimum Shift Keying (GMSK) modulation that generates a constant envelope signal, not
requiring linear amplitude amplification. In contrast, the 4G standard utilizes Quadrature
Amplitude Modulation (Q4M) which mandates a high degree of linear amplification.

The recent expansion of the cellular market has required more frequency bands to cover
multiple standards (2G/3G/4G). The spectrum that covers the cellular usage around the globe
(including most common bands) can be divided into three major bands: low band (695 MHz — 915
MHz), mid band (1710 MHz — 2025 MHz), and high band (2300 MHz — 2700 MHz). Each major
band is organized into many assigned narrower bands which are used in different regions around
the globe.

To meet the current market demands, handset manufacturers are targeting the design of a
single handset that covers the latest standards (3G/4G) with a backward compatibility to the earlier
standards (2G/2.5G), while exhibiting a broadband coverage over one or more of the major

frequency bands.

!'- The terms “standard” and “mode” are used throughout the dissertation referring to the cellular standard 2G/GSM,
2.5G/EDGE, 3G/W-CDMA, and 4G/LTE.



Different power amplifier architectures have been proposed to achieve such a coverage of
multiple standards with a broadband response, as shown in Figure 1-1. One power-amplifier
module architecture, known as a “hybrid power amplifier”, is to design a single module that
contains multiple power amplifiers. The architecture includes two power amplifiers for the
2G/2.5G modes where one covers the low band and the other covers the mid band. At least, three
more linear power amplifiers are needed for the 3G/4G modes, where each amplifier covers a part
or the full bandwidth of one of the major bands. Another architecture, known as a “converged
power amplifier”, is a single module that contains multiple power amplifiers, where each power

amplifier covers one of the major frequency bands while operating in different modes
(2G/2.5G/3G/4G).

Hybrid
Architecture

Converged
Architecture

Figure 1-1 — Different power amplifier module architectures.?

The two architectures show there is a trade-off between performance and cost/size. The hybrid
approach provides better performance since each power amplifier is dedicated to a specific mode

and a single frequency band. The converged approach provides less cost and board area,

2. The “LB”, “MB”, and “HB” refer to the low, mid and high bands, respectively.
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eliminating two or more power amplifiers with the associate matching networks. Typically the
power amplifiers that operate in the 2G/2.5G modes are the ones to be eliminated. The design
solution to a converged power amplifier architecture is required to exhibit three characteristics:
high linearity, high efficiency, and broadband frequency response in order to operate in the
different modes (2G/2.5G/3G/4G) with minimal or no reconfiguration as suggested by Cheng and
Young [1]. This solution is simpler in terms of cost and circuit complexity compared to more
complex architectures that require system integration such as those presented by McCune [2], and
Daehyun, et al. [3].

As a result, there is a demand for a linear power amplifier that operates with high efficiency
at the saturated output power level (in the 2G mode), maintains a high linearity with enhanced
efficiency at back-off output power levels (in the 2.5G/3G/4G modes), and covers a broadband
frequency response. Such a power amplifier represents a solution to the “converged power
amplifier” architecture. It should be noted, the required output power level in the 2G mode, is
higher than the required output power levels in the 2.5G/3G/4G modes where linearity is required.
Such a distribution of the needed power levels for these modes is suitable to be covered by a single
power amplifier, since the power amplifier would operate at the saturated power level in the 2G

mode and operates at back-off power levels in the 2.5G/3G/4G modes.

1.2 - Background

Three major areas of interest in the power amplifier design are: achieving high power efficiency,

operating with high linearity, and covering a broadband frequency response.

1.2.1 - Power Efficiency
The power amplifier consumes the majority of the power in a wireless transmitter system. Hence,
there is continuous research to improve the power efficiency of the power amplifier. Over time,
different techniques to improve the power efficiency have been proposed, where each technique is
recognized as a class of power amplifier.

A fundamental technique to improve the efficiency of the power amplifier is to reduce the
quiescent bias level, which is known as the reduced conduction angle operation (class-AB, B, and
C). By reducing the quiescent bias level, the transistor conducts for a portion of the RF cycle rather

than a full RF cycle as in class-A operation.



A different technique to increase the power efficiency uses the generated harmonics within
the power transistor to engineer the voltage waveform at the collector/drain terminal of the
transistor. Class-F where the third harmonic is utilized, Raab [4], and class-J where the second
harmonic is utilized, Cripps, et al. [5], are examples of such a technique. It is important to note
that these techniques of utilizing the generated harmonics provide linear operation of the
fundamental frequency as well as improving the efficiency. Therefore, they are suitable for a linear
power amplifier application where a modulated signal of varying envelope is transmitted. One
variation of class-F is Class-AB/F, as presented by Daehyun, et al. [6], which can achieve linearity
and high efficiency at the maximum output power.

Another technique to obtain high power efficiency depends on operating the transistor as a
switch, such as class-D, ElI-Hamamsy [7], and class-E, Sokal and Sokal [8]. Due to the switching
operation of the transistor, no linear relationship exists between the amplitudes of the input and
output signals.> Hence, such a technique is suitable to a power amplifier application where a

modulated signal with a constant envelope is transmitted since a linear operation is not required.

1.2.2 - Linearity

The nonlinear operation of the power amplifier causes the generation of unwanted distortion
products, which extend out of the intended channel of the transmitted signal. The requirement for
linearity in radio frequency power amplifiers arises from the necessity of achieving minimum
interference with other channels in the frequency spectrum. Also, as cellular standards apply digital
modulation schemes, with both of the amplitude and phase are varying, the need for a linear power
amplifier increases, since the nonlinearity of the power amplifier causes not only a spectral
spreading, but also amplitude and phase distortions of the transmitted signal.

Different natures of nonlinearity occur in the power amplifier. The nonlinearities can be
categorized into a weak nonlinearity and a strong nonlinearity, Maas [9]. A weak nonlinearity
occurs when the power amplifier operates in the varying output power range. While the strong
nonlinearity appears when the power amplifier operates at the saturated output power.

The transistor characteristics have an effect on linear operation. For example, the exponential

relationship between the collector current and the base-emitter voltage of the HBT exhibits an

3 - The class-D is common at audio frequencies to obtain a linear output from a pulse-width modulated input at a
switching rate far above the frequencies of use.



expansive transconductance* that can be utilized to reduce the nonlinearity inherited from the
operation with a reduced conduction angle, Cripps [10]. Also, the elimination of the odd-degree
components at the output terminal of the transistor may improve the linearity, Cripps [11].
Utilizing an HBT transistor in a power amplifier shows a bias depression phenomenon that
degrades linearity at high output power. Such a behavior of HBT requires employing a bias circuit
that provides temperature compensation as well as a bias depression reduction in order to improve

linearity.

1.2.3 - Broadband Matching Networks

One technique of designing a matching network is to use tables of impedance-transforming
networks of low-pass filter form. Such tables are presented by Matthaei [12] for a Chebyshev
response and by Cristal [13] for a maximally-flat (Butterworth) response. This technique provides
a ladder network of series inductances and shunt capacitances.

Another technique of designing matching networks is based on single-section matching
networks of different topologies (L-network, T-network, and Pi-network). A set of design
equations for each topology is derived by combining the concepts of series/parallel resonance with
series/parallel impedance transformation. A broadband frequency response can be achieved by
cascading multiple sections.

The Smith chart has been used as a tool for designing lumped and distributed matching
networks. Both narrow-band and broadband matching networks can be designed using the Smith
chart following the typical topologies (L-network, T-network, and Pi-network), as presented by
Gonzalez [14]. In power amplifiers, the Smith chart provides an insight of the load that is presented
to the transistor since load-pull contours are usually plotted on the Smith chart.

Techniques of designing broadband matching networks using transformers have been
available for decades, as presented by Clarke and Hess [15]. Although, using transformers for
broadband matching networks provides better results compared to other techniques, it has a
restricted application in industry due to limitations that require designing for small die and module
size. Recently, investigations to implement on-chip transformers as part of output matching

networks were carried out, Hoseok, et al. [16].

4 - The transconductance increases as the input drive level increases.
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1.2.4 - Semiconductor Device Technology

Gallium Arsenide (GaAs) semiconductor is one of the compound materials that enables low device
parasitics and high power density, making it suitable for high power and RF applications. High
band-gap semiconductors, such as Gallium Nitride (GaN), offers a high voltage operation and
higher power density compared to GaAs. Recently, GaN technology has seen a significant process
improvement and expansion in applications.

In the cellular industry, Laterally Diffused Metal Oxide Silicon (LDMOS) is used in high
power applications such as power amplifiers for base stations. GaAs HBT is widely used in low
power mobile devices, since it requires a single supply voltage — a good feature in any application
where the circuit is supplied from a battery. As recent standards, such as 4G/LTE, specify a lower
output power, power amplifier designs using silicon CMOS technology have been investigated as
a replacement to GaAs HBT, Chang-Ho, et al. [17]. Recent results shows that silicon CMOS is
still not surpassing the linearity and high efficiency that GaAs HBT is providing.

GaAs HBT has more features making in the dominant technology of the power amplifier in
handsets. GaAs HBT exhibits a high power density, allowing for a smaller device size than other
technologies, saving on both die and module areas. With high linearity requirements, multiple
approaches can be applied to linearize the relationship between the output current and the input
voltage of an HBT-based amplifier at the signal frequency.

GaAs HBT process technology available from TriQuint has been selected to implement a
design that validates the techniques proposed in the research, TriQuint [18]. The process features

an InGaP emitter technology with a maximum junction current density of 20 kA/cm?.

1.2.5 - Power Amplifiers for Wireless Handsets

The typical power amplifier module for handsets consists of a multi-chip package. The module
includes a power amplifier (GaAs HBT) and a controller (silicon CMOS) providing the regulated
bias voltages needed for the power amplifier and other control signals. The module may also
include a silicon-on-insulator (SOI) switch that provides routing to different frequency bands. All
chips are mounted on a high frequency multi-layer laminate. Typically, the output matching
networks are implemented on the laminate. In order to reduce the number of discrete components,
almost all inductors in matching networks of power amplifier modules are printed planar inductors,

Franco [19].



1.3 - Dissertation Overview

The design of a linear power amplifier with high efficiency that covers a broadband frequency
response requires investigating three major areas of interest in the power amplifier design:
achieving high efficiency, operating with high linearity, and designing a broadband matching
network.

Chapter 2 presents multiple techniques to improve the power efficiency of a linear power
amplifier. The chapter presents a full analysis and investigations of the techniques with detailed
calculations of the required load impedance and the maximum theoretical efficiency that can be
achieved for each technique.

Chapter 3 presents investigations of the nonlinearities in RF power amplifiers. The chapter
presents the nature and causes of nonlinearities. The effect of operating the power amplifier in a
reduced conduction angle as well as the effect of odd-degree harmonics at the output of the
transistor are considered. The effect of HBT transistor on linearity is investigated, as well as
multiple bias circuits that provide temperature compensation and improved linearity.

Chapter 4 presents a new design methodology for matching networks. The methodology
considers the inductor loss in the design process and provides an accurate impedance
transformation while providing more degrees of freedom to meet a variety of specifications.

Chapter 5 introduces the proposed design process to achieve a linear power amplifier that
operates with high efficiency and can operate in different modes. The implemented power
amplifier module is presented as well as the simulated and measured results that validate the
proposed design process.

Chapter 6 presents the summary and the conclusion of the research.



(This page left intentionally blank)



2.

High Efficiency Techniques for Linear Power Amplifiers

2.1 - Introduction

The power amplifier consumes the majority of the power in a wireless transmitter system. Hence,
there is continuous research to improve the power efficiency of the power amplifier. Over time,
different techniques to improve the power efficiency have been proposed, where each technique is
recognized as a class of power amplifier.

The class-A power amplifier is considered the simplest power amplifier, sharing many aspects
of the small-signal RF amplifier. However, class-A is not considered one of the high-efficiency
classes. The analysis of class-A is presented in this chapter to establish a reference for comparison
with the other high-efficiency classes, allowing many of the behaviors of the other classes to be
interpreted in terms of the operation of class-A.

A fundamental technique to improve the efficiency of the power amplifier is to reduce the
quiescent bias level, which is known as the reduced conduction angle operation (class-AB, B, and
C). By reducing the quiescent bias level, the transistor conducts for a portion of the RF cycle rather
than a full RF cycle as in class-A. Hence, the class-A and the other classic classes (class-AB, B,
and C) are defined based on the quiescent bias point.

A different technique to increase the power efficiency uses the generated harmonics within
the power transistor to engineer the voltage waveform at the collector/drain terminal of the
transistor. Class-F where the third harmonic is utilized, Raab [4], and class-J where the second
harmonic is utilized, Cripps, et al. [5], are examples of such a technique. It is important to note
that these techniques provide linear operation of the fundamental frequency as well as improving
the efficiency. Therefore, it is suitable for linear power amplifier applications where a modulated
signal of varying envelope is transmitted.

Another technique to obtain high power efficiency depends on operating the transistor as a
switch, such as class-D, El-Hamamsy [7], and class-E, Sokal and Sokal [8]. Due to the switching
operation of the transistor, no linear relationship exists between the amplitudes of the input and
output signals. Hence, such a technique is suitable to power amplifier applications where a

modulated signal with a constant envelope is transmitted since a linear operation is not required.
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2.1.1 - Class-A Power Amplifier

A basic single-stage power amplifier that may represent a class-A power amplifier is shown in
Figure 2-1. In class-A power amplifier, the transistor is biased in the middle of the /-V transfer
characteristic. For linear operation, the current and voltage signals are constrained such that both

do not exceed the limits of cut-off and saturation.

V_Ri
-reg V.DC
Bias
Circuit RFC
Output RF_out
Matching
Network
RF_in Input
——— Matching RL
Network

Figure 2-1 — A Basic single-stage power amplifier.

Figure 2-2 shows a simplified /-V transfer characteristic of a typical transistor. Several key
assumptions are illustrated in the figure and maintained throughout this chapter and the following
chapters:

e The output resistance of the transistor is infinite.

e The transistor operates as a voltage-controlled current source with a linear
transconductance.

e The reference plane of the load location is taken at the transistor output current source.
The associated output reactance of the transistor is considered to be a part of the output

matching network.
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i_C

i_C,max

V_CE_EOS V_DC v_CE

Figure 2-2 — A simplified I-V transfer characteristic of a transistor.

The optimum resistive load needed to obtain the maximum linear output power from a

transistor with the given /- transfer characteristic in Figure 2-2 is computed as

Veem
Riopta = Ice' = (2-1)
c,Max
Vce,Max =Vpc — VCE,EOS (2-2)
iC,M -
Ic,Max = 2ax = Ipc (2-3)

where Vce eos 1s the edge of saturation voltage. The Veemax 1s the maximum voltage amplitude for
linear operation. The /¢ max is the maximum current amplitude for linear operation. The ic max is the
maximum instantaneous collector current for a given transistor, which is determined by the
maximum current handling capability of the device. The Vpc is the DC supply voltage which is
specified by the system. The /pc is the DC collector current component.

The optimum power (maximum linear output power) achieved by presenting the optimum
load to the transistor is calculated as

1
Popt,A = EVce,MaxIc,Max = E (VDC - VCE,EOS)IDC ( 2-4 )

The corresponding maximum power efficiency of class-A (#max.4) is given by
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1
P, 7 (Voe = Veepos)Ipc (2-5)
MMmax,a = 7 =
Ppc Vbelpe

where Py is the power delivered to the load (in Watts). The Ppc is the consumed DC power (in
Watts). Assuming an ideal transistor where Ve eos is very small and approaching a value of zero,

then the efficiency for an ideal transistor (#idea.4) is given by

5 Vbcelpc
Nideala = 2= =509 (2:6)

which is the well-known result of the ideal class-A power efficiency. From Equations ( 2-5 ) and
( 2-6 ), a general relationship between the maximum efficiency for a transistor with an edge of

saturation voltage (Vck ros) and the efficiency for an ideal transistor (Vce eos = 0) can be given as

(Yo — Veg gos)
NMMax = 2L s Nideal (2_7)

VD C

Another term that is widely used to indicate the power efficiency is the power-added

efficiency (PAE)

P, —P;
PAE =+—™ (2-8)
DC
where Pin is the input power (in Watts). The advantage of this form is it highlights both the

conversion of the DC power into the RF signal power and the power gain of the amplifier.

2.1.1.1 - Observations on Class-A Operation

The assumption that the transistor has a linear transconductance introduces a false expectation that
class-A is a fully linear power amplifier. Real transistors exhibit a weak nonlinearity within the
class-A region of operation. Operation at the optimum output power, where the full range of
current and voltage are utilized, forces the voltage and current to swing across the weakly-
nonlinear region. Therefore, in general, a class-A power amplifier is not a linear power amplifier.
Such an observation mandates presenting short-circuit terminations to the harmonic components

for proper operation of class-A.
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For linear operation, the input drive should be maintained below the value that causes the
voltage and current to increase beyond the limits of cut-off or saturation. Once the voltage or
current reaches either cut-off or saturation, the output power starts to compress until it reaches the
1dB compression point.’ A further increase in the input drive signal leads to a higher compression
level to the point that the output power saturates.

Applying the optimum load, with the full range of voltage and current utilized, produces the
highest 1dB compression point as well as the highest maximum linear output power for a given
transistor. For a given maximum collector current (icmax), as the load deviates from the optimum
load, by increasing or decreasing the load, the 1dB compression point decreases as well as the
maximum linear output power. Decreasing the load reduces the available voltage swing and causes
the current to reach cut-off faster than the case of the optimum load. While, increasing the load
reduces the available current swing and causes the voltage signal to swing into the saturation region
of the transistor where the output current is function not only of the input voltage but also the
output voltage. As a result, increasing the load distorts the peak of the current waveform and
generates many harmonic components with high levels. This is an important observation in terms
of achieving the maximum range of linear operation for a given transistor, as a higher 1dB

compression point indicates a larger linear output power range.

2.1.2 - Load-Pull Technique

The load-pull technique is a fundamental method to determine the optimum load for a given
transistor through a laboratory measurement or simulation. At a single frequency, the technique is
implemented by tuning the load impedance presented to the collector/drain of the transistor.
Typically, the tuning is carried out on the impedance at the fundamental frequency while
presenting a constant impedance to harmonic components. Such an approach causes a major
limitation to determine the optimum load when implementing one of the advanced high-efficiency
classes, where the generated harmonics are employed to improve the power efficiency. An
advanced load-pull system, which is not widely exploited, would tune the impedance at the
fundamental as well as the second and third harmonic components, such as those introduced by

Benedikt, et al. [20] and Hashmi, et al. [21].

5 - The 1dB Compression point refers to the output power level where the large-signal gain has decreased by 1dB
from the small-signal gain.
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The results of the load-pull measurement is a plot on the Smith chart that contains a point
representing the optimum load that achieves the optimum output power. The plot typically contains
two or more contours, each contour representing a specified output power level lower than the
optimum power. It should be noted that during the load-pull measurement/simulation, the gain of
the amplifier may vary along each contour and the input power has to be adjusted accordingly to
maintain the output power level. Simple techniques to predict the load-pull contours for a transistor
that operates as a class-A power amplifier has been proposed, such as those by Cripps [22], and
Kondoh [23].

It is instructive to interpret those contours in terms of the complex power. Each contour can
be described as a contour for the same real power, but with a different apparent power (which is
the magnitude of the complex power). The minimum apparent power on each contour equals the
real power of the contour for the given transistor. Such a point of view indicates that applying a
load other than the optimum load may cause the transistor to operate at a higher power capacity

than what is really needed, in order to supply the additional reactive power.

2.2 - Reduced Conduction Angle Operation

The reduced conduction angle technique is a classic approach to achieve higher power efficiency
than what is typically offered by a class-A power amplifier. In class-A, the collector current
conducts during the full RF cycle (2r). The concept of the reduced conduction angle operation is
to bias the transistor at a lower quiescent bias point while the input drive signal turns on the
transistor during a portion of the RF cycle (< 2x), causing the collector current to conduct only
during that same portion. A classic set of operating classes of power amplifier (Class-AB, B, and

C) have been defined based on the conduction angle value, as shown in Table 2-1.

Class Conduction Angle
A 21 (360°)
AB 7 (180°) - 2m (360°)
B 7 (180°)
C 0 -7 (180°)

Table 2-1 — The power amplifier classification based on the conduction angle.
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In order to utilize the maximum power capacity of the transistor, the full range of the collector
current should be used between cutoff and the maximum collector current (ic,max). Therefore, when
operating at a reduced conduction angle, the input drive signal is required to increase compared to
the class-A operation in order to restore the peak of the collector current to the maximum value. A
typical observation is the power gain decreases as the conduction angle decreases. Figure 2-3
shows the instantaneous collector current, normalized to the maximum current, for each one of the
classes that are defined in Table 2-1, assuming the input drive signal is increased to generate a

collector current with a peak value that equals the maximum current.

i_C (Normalized)

-0.2 IIII|IIII|IIII|IIII|IIII|IIII|IIII|IIII

0 45 90 135 180 225 270 315 360

Angle

Figure 2-3 — The collector current of the reduced conduction angle operation (normalized to the maximum

current (ic,max)).

It should be noted that in order to achieve the highest possible power gain for a single-stage
power amplifier, it is generally found that the smallest transistor capable of delivering the needed
output power should be utilized. As the transistor periphery increases the power gain decreases,

which might cause a significant degradation in the power-added efficiency.

2.2.1 - Observations on the Fourier Series of a Truncated Sinusoid ¢

Due to the low quiescent bias point, the collector current takes the shape of a truncated sinusoid

when operating at a reduced conduction angle, as shown in Figure 2-3. A Fourier series analysis

6 - A detailed derivation of the DC, fundamental, and harmonic components, using the Fourier series analysis is
presented in appendix A2.1.
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is needed to understand the relationship between the frequency components of the collector current
(DC, fundamental, and harmonics) and the conduction angle. Following the analysis presented by
Cripps [10], it is assumed the input drive signal varies with the conduction angle to produce a
collector current waveform with a peak value equals the maximum current (ic max).

The instantaneous collector current is represented as

Ipco + 1. cos(6) (—E <0 <E)
ic@={ = ° A A (2:9)
0, (—T[<9<—E),(E<9<Tl’)

where I = icmax — IDc,0, wWhich is the amplitude of the generated current signal. The Ipcg is the
quiescent DC collector current. The icmax 1s the maximum instantaneous collector current for the
given transistor. The a is the conduction angle. Writing the instantaneous collector current in terms

of ic Max s and a

i a a a
(% (cos (E) - cos(G)) , (_E <6< E)
(e 0) = {<0s(3) ~1 (2-10)
ay a
0, (-m<o<-3).(3<0<n)
Applying Fourier series analysis to the instantaneous collector current given in Equation ( 2-10 ),
pplymg y

the DC current component is computed as

Ioc =%.#.(MOS(§)_M(§)) (211)

While the fundamental (/7), second (Z2), and third (/3) harmonic current components are found to

be

=1 lomax (lsin(a)—g> (2-12)
1 —_ . . -
T cos(%)—l 2 2
I 1 lc Max (1 . <3a) 1 . (a)>
, =—.—————— . |=sin|—) —=sin(= 2-13
Teos(@) -1 6 \2) 272 (2-13)
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mlz%ﬁ (g 5inC2e) — Zsin()) (2-14)

1
b= 6

Equation ( 2-11 ) shows that the DC current component is a linear function of the maximum
current (icmax), for a given conduction angle. For a varying input signal, the maximum current
value is a function of the input drive level. Hence, the DC current component follows the input
drive signal, decreasing or increasing. This is an important observation for designing the bias
circuit for a power amplifier that operates at a reduced conduction angle. As increasing the input
drive mandates the bias circuit to supply a higher DC current than the quiescent current.

Figure 2-4 shows that the DC current component decreases as the conduction angle decreases,
which is the main advantage of applying the reduced conduction angle technique. A lower DC
current component causes a lower DC power consumption for a given DC supply voltage while

maintaining the needed output signal level. Therefore, reducing the conduction angle is a necessary

step towards achieving a higher power efficiency than in class-A.

Current Component (Normalized)

'10_¥||||||||||||||||||| TT T T [TT T T[T T T [TTT T TTTT
0 45 90 135 180 225 270 315 360 405

Conduction Angle (Deg)

Figure 2-4 — The fundamental and harmonic current components vs. the conduction angle (normalized to

the maximum current (ic,max)).

From Figure 2-4, it is observed that the fundamental current component in class-B operation
equals the same value as in class-A, for the same maximum collector current (icumax). Also, the
corresponding DC component is lower in class-B than in class-A. Therefore, applying the load of

class-A to class-B causes the same output power level at the fundamental frequency for both of
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the classes, but a lower DC power consumption is achieved in class-B, leading to a higher power
efficiency. It is interesting to note that the second harmonic current component exists with a
relatively high level in class-B (about 42% of the fundamental component), while all odd-order
harmonic components equal zero in class-B.

As the conduction angle decreases below 7, which is defined as class-C, both the fundamental
and the DC current components decrease. This decrease causes a reduction in the DC power
consumption as well as the output power at the fundamental frequency. Due to the reduction of
the output power and the requirement to increase the input drive signal, class-C typically suffers

from a much lower power gain than in class-A.

2.2.2 - The Optimum Load for Class-AB, B, and C

The Fourier series analysis has displayed that operating at a reduced conduction angle generates
many harmonic components of the collector current due to the truncated sinusoid waveform. As
presented by Lee [24], and Krauss, et al. [25], the typical implementation of class-AB, B, and C
presents a short circuit to the generated harmonic current components. Therefore, no voltage
component is generated at those frequencies. While a resistive load is presented to the fundamental
current component, generating a voltage component at the fundamental frequency. Such a load is

ideally implemented by a tank circuit with a high quality factor, as shown in Figure 2-5.

V.DC

RFC

RF_out

RFin Matching

Network RL

Figure 2-5 — A tank circuit represents an ideal load for a power amplifier that operates at a reduced

conduction angle.”

7 - RFC refers to an RF choke. DCB refers to a DC block.
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The tank circuit represents an ideal implementation that approximates the real output matching
network. Realistic power amplifiers, operating in class-AB, B, and C, are implemented with an
output matching network that contains two or more matching sections. These networks exhibit
some non-ideal effects at the harmonic frequencies that must be considered in the final design.

Operating at a reduced conduction angle, in order to achieve the maximum output power from
a given transistor with the /- transfer characteristic shown in Figure 2-2, the maximum peak of
the input drive signal is required to produce a collector current with a peak value equals the
maximum collector current (icmax). For each conduction angle of operation, there is a specific
fundamental current component produced. The optimum load is determined as the resistive load
to allow the fundamental voltage amplitude to reach the maximum value (Vbc — Vck,0s), as shown

in Figure 2-2. Hence, the optimum load can be calculated by

V,
RL,opt — cel,Max (2_15)

Icl,Max

Vce1,Max =Vpc — VCE,EOS (2-16)

where Vce eos 1s the edge of saturation voltage. The Veer,max 1s the maximum voltage amplitude of
the fundamental component. The /c1max is the maximum current amplitude of the fundamental
component for a current waveform that reaches the maximum instantaneous current (ic,max).

It should be noted that in order to maintain linear operation, the transistor should not be
overdriven, where the drive signal increases beyond the value that causes the collector current to
reach the maximum current (ic.max). Overdriving the transistor causes the collector current
waveform to be clipped, generating a high level of harmonic components. Also, the load at the
fundamental frequency should not increase such that the collector voltage signal swings into the
saturation region. Such a situation causes many higher harmonic current components to be

generated with a higher level and mixed within the transistor.

2.2.3 - Maximum Linear Output Power and Power Efficiency of Ideal

Class-B

Many high efficiency techniques for linear power amplifiers rely on biasing the transistor in deep

class-AB (ideal class-B). In order to establish a reference for comparison with high efficiency
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techniques, it is necessary to calculate the optimum output power (maximum linear power) and
the power efficiency of an ideal class-B operation.
For ideal class-B (where the conduction angle o = x), the optimum power achieved by

presenting the optimum load to the transistor can be calculated by

Popt,B = E Vcel,MaxIcl,Max,B (2-17)

From Equation ( 2-12 ), the maximum amplitude of the fundamental current component (/c7,max,8)

is computed to be

Iy maxp = 0.5 * ¢ max (2-18)
From Equation ( 2-11 ), the DC current component in class-B operation is calculated to be

1
Ipc = T *lc Max (2-19)

Writing the fundamental current component (/c7,max,8) in terms of the DC current component (/pc)

by utilizing Equation ( 2-19 ) into Equation ( 2-18)

T
Iy maxp = 5 * Ipc (2-20)

From Equation ( 2-20 ) into Equation ( 2-17 ), the optimum power of class-B can be calculated as

s
Popt,B = Evcel,MaxIcl,Max,B = Z (VDC - VCE,EOS)IDC (2-21)
The corresponding maximum power efficiency is given by
s
P, 7z (VDC - VCE,EOS)IDC
NMMaxp = 7 = ( 2-22 )

PDC VDCIDC

where Py is the power delivered to the load (in Watts). The Ppc is the consumed DC power (in
Watts). Assuming an ideal transistor where Vcg os is very small and approaching a value of zero,

then the efficiency for an ideal transistor (#idea,8) is given by
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el
7 Voclpe
Nideal,s = 4 =" 78.5% (2-23)

DC*DC

which is the typical result of the ideal class-B maximum power efficiency.

2.2.4 - The Practical Implementation of Class-AB, B, and C Load

The classic reduced conduction angle operation (class-AB, B, and C) requires presenting a short-
circuit termination to all harmonics (second harmonic and higher) in order to obtain a sinusoidal
voltage waveform of the fundamental frequency at the collector/drain terminal of the transistor. In
real power amplifier designs, the short-circuit termination is implemented by adding a large shunt
capacitor at the collector terminal while the rest of the matching network presents an inductive
reactive component that resonates out the capacitor at the fundamental frequency. The issue of
such an implementation is the maximum capacitor value available may not be large enough to
present a good short-circuit or at least a very low impedance, especially at the second harmonic
which exists with a high level, as shown in Figure 2-4. Such a situation occurs for power amplifiers
designed as integrated circuits where the power transistor and the shunt capacitor are implemented
on a die.

Cripps [10] has introduced a detailed analysis of the effect of presenting a capacitive
termination to the second harmonic current component while presenting a pure resistive load at
the fundamental frequency. The analysis shows that both the output power and power efficiency
degrades. This degradation results from presenting such a combination of terminations to the
fundamental and the second harmonic current components causes the second harmonic voltage
component to be shifted by -7/2 from the fundamental voltage component. The resultant voltage
waveform has a higher maxima and a lower minima than a sinusoid of the fundamental frequency,
as shown in Figure 2-6.

As the minima of the voltage waveform decreases below the edge of saturation voltage
(VceEos), the collector current becomes a function of both the input and output voltage signals.
Hence, the collector current waveform deviates from the pure half-wave sinusoid causing the
fundamental current component to decrease. As a result, both of the output power at the

fundamental frequency and the power efficiency decrease. It is important to note that such a
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voltage waveform causes a degradation in linearity as well, since higher harmonic current

components are generated with a higher level and mixed within the transistor.

£ 10+210

Voltage Amplitude (Normalized)

-50 IIII|IIIIIIIIIIIIIIIIIIIIIIIIlIIIIlIIII

90 180 270 360 450 540 630 720

o

Phase Angle (Deg)

Figure 2-6 — The resultant voltage waveform of a second harmonic component that is shifted by -11/2 from

the fundamental component (normalized to (Vibc - Vceeos), the zero value refers to Vceeos).B

The results of the presented analysis caused many to pursue different techniques to eliminate
the second harmonic voltage component, such as adding a second-harmonic trap at the collector

terminal (or double second-harmonic traps in broadband designs).

2.3 - High Efficiency Utilizing the Generated Harmonics

Advanced techniques of achieving high power efficiency in power amplifiers have been proposed
where the generated current harmonics are utilized to engineer the voltage waveform at the
collector/drain of the power transistor. The main concept of applying these techniques is to raise
the minima of the waveform above the edge of saturation voltage (Vck ros). This increase of the
minima allows an increase in the fundamental voltage component by increasing the load
impedance magnitude at the fundamental frequency, and restoring the minima of the voltage
waveform back to the edge of saturation voltage. Such an increase of the fundamental voltage

component may transfer into an increase in the fundamental output power without increasing the

8 _ The Vpc is the DC supply voltage. The Vg ros is the edge of saturation voltage.
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consumed DC power, since the bias point has not been changed. As a result, both the power
efficiency and the power gain may increase.

The techniques which utilize the generated harmonics rely on biasing the power transistor
around the deep class-AB (ideal class-B) where the collector current takes the form of a truncated
sinusoid (almost a half-wave sinusoid). Such a current waveform contains a high level of the
second harmonic component. Though the third harmonic does not exist in the ideal class-B, as the
bias point moves away from the ideal class-B a moderate level of the third harmonic component
appears. Hence, the harmonic current components that can be utilized are mainly the second and
third harmonics. Higher harmonic components have a much lower level which make them difficult
to use. The technique utilizing the third harmonic component is known as class-F, Raab [4], while
the technique utilizing the second harmonic component is known as class-J, Cripps, et al. [5].

A major difference exists between the harmonic terminations used for the classic reduced
conduction angle operation (class-AB, B, and C) and the harmonic terminations used for class-F
or class-J operation. As discussed in Section 2.2.2, the effective application of the classic reduced
conduction angle operation requires presenting a short-circuit termination to all harmonic current
components (second harmonic and above) to obtain a sinusoidal collector voltage waveform at the
fundamental frequency. But, in order to utilize the second harmonic component (class-J) or the
third harmonic component (class-F), specific harmonic terminations are required in each case.
Presenting specific terminations to the generated harmonic current components shapes the voltage
waveform as needed, and causes the waveform to deviate from the typical sinusoid obtained in the
classic reduced conduction angle operation.

It should be noted that utilizing the generated harmonics is carried out at the collector/drain
terminal of the power transistor while the rest of the output matching network of the power

amplifier is required to reject the generated harmonics in order to meet emission specifications.

2.3.1 - The Real Power of Periodic Signals

Utilizing the generated harmonics to enhance the power efficiency mandates operating the
amplifier with both the collector current and voltage containing harmonic components. Figure 2-7
shows a circuit diagram containing a current source representing the voltage-controlled current
source of a transistor and a general load impedance presented at the collector/drain terminal of the

transistor. The circuit also shows the RF choke and the DC block required for a proper operation.
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ZL=(Z172..)

Figure 2-7 — A circuit shows the current and voltage signals at the collector/drain terminal of a transistor.

Assuming a general case where the collector current is a periodic signal that contains all

harmonic components. The collector current signal can be written as

k=1

where Ipc is the DC current. The Ix is the amplitude of the & harmonic. The wo is the angular
fundamental frequency. The 0ix is the phase angle of the k” harmonic current component.
Assuming that a general load is presented to the transistor at the collector terminal such that a
periodic voltage signal is created which contains all harmonic components. The collector voltage

signal can be written as
v =Vpe+ z Vi cos(kwogt —6,;) (2-25)
k=1

where Vpc is the DC voltage. The Vi is the amplitude of the & harmonic. The 6, is the phase
angle of the k" harmonic voltage component.

The real power at the collector terminal (P) is calculated by
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1
N (226)
T T

Substituting from Equations ( 2-24 ) and ( 2-25 ) into Equation ( 2-26 ) while applying the

following trigonometric features

cos(a )cos(,B ) = %cos(a - b ) + %cos(a +p ) (2-27)
f cos(mwyt )dt =0 (2-28)
T
j cos(mwy t )cos(nwyt )dt =0,form #n (2-29)
T

Then, the real power at the collector terminal is calculated by

S Vk Ik
P =Vl + Z 050y — 01) (2-30)
k=1

This power is the power dissipated in the device. Equation ( 2-30 ) shows that the real power is the
superposition of the individual real power terms due to the voltage and current of each frequency
component (DC, fundamental, and harmonics). The equation also shows that there is no interaction
among the voltage and current of different frequency components.

Aiming at achieving the maximum power efficiency of the power amplifier, it is necessary to
transfer the power from the DC component to the fundamental frequency component only. Any
real power appearing at any of the harmonics (at the collector terminal) is required to be suppressed
by the rest of the output matching network in order to meet emission specifications.

Presenting a pure reactive termination to the A harmonic current component causes the phase
difference between the voltage and current signals of the k” frequency to equal +a/2. From
Equation ( 2-30 ), such a phase difference forces the real power of the £ frequency to equal zero.
Hence, it is essential to apply a pure reactive termination at each of the harmonics that are utilized

in enhancing the efficiency, while presenting a short-circuit termination to all other harmonics. As
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a result, the only frequency component, other than the DC component, that contributes to the real
power at the collector terminal is the fundamental frequency.

It should be noted that in such a case, a reactive power of the kK frequency component is
trapped within the circuit. But, the benefit of utilizing the generated harmonics and allowing the
real power at the fundamental frequency to increase, far exceeds the effect of the power trapped

within the circuit.

2.3.2 - Class-] Operation

Cripps [10] has introduced class-J operation where it was defined to use an output matching
network presenting a capacitive harmonic termination and a combination of resistive and inductive
load at the fundamental frequency at the collector/drain terminal of the transistor. Class-J was
proposed as a method to obtain the same or higher power efficiency than what is typically offered
by an ideal class-B, while avoiding the need for a short-circuit termination to all higher harmonics.

As discussed in Section 2.2.4, the classic reduced conduction angle operation (class-AB, B,
and C) requires presenting a short-circuit termination to all harmonics. As the second harmonic
termination deviates from the ideal short-circuit, both the output power and the power efficiency
degrade. The results of the presented analysis in Section 2.2.4 may give a false expectation that
the existence of the second harmonic voltage component at the collector terminal has a damaging
effect on the performance of the power amplifier, in general.

Multiple investigations have been presented where the second harmonic component is utilized
to improve the power efficiency. [Colantonio, et al. [26], 27] have proposed achieving high
efficiency by manipulating the second harmonic voltage component at the output terminal of the
transistor. The proposed technique utilizes the nonlinear input impedance of the transistor to obtain
a second harmonic voltage component with the needed phase at the output terminal. Therefore, it
is important to note that the phase of the second harmonic voltage component with respect to the
fundamental voltage component is the key to achieve high power efficiency.

Cripps, et al. [5] have presented the general theoretical form of class-J operation where the
collector/drain voltage waveform is defined in terms of the DC, fundamental, and other harmonic
components (mainly the second and third harmonics). Wright, et al. [28] have demonstrated the
effectiveness of class-J by applying the appropriate fundamental, second and third harmonic

terminations to the transistor, where they were determined using an active load-pull system.
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The ideal case of class-J, where only the second harmonic is utilized and all other higher
harmonics are terminated with short-circuit, is more suitable to handset power amplifiers. The
reason for this suitability is a shunt capacitor can be easily added at the collector of the transistor
to provide the needed termination for the second harmonic current component while presenting a

very low impedance (almost short-circuit) to the third and higher harmonic current components.

2.3.2.1 - The Concept of Class-] by Utilizing the Second Harmonic

The proposed technique of class-J relies on the concept of adding a second harmonic voltage
component in-phase with the fundamental component to create a voltage waveform with a higher
minima than a sinusoid at the fundamental frequency, as shown in Figure 2-8. Increasing the
fundamental voltage component of the created waveform restores the minima back to the zero and
increases the maxima as well. Applying such a concept in practical power amplifiers may cause
an increase of the fundamental output power without increasing the consumed DC power since the
DC current and voltage components have not been changed. It is important to note that the resultant
waveform has a higher maxima, which may become a limiting factor of implementing class-J using

transistors with low breakdown voltage.

0/ % fo2f0

Voltage Amplitude (Normalized)

-50 IIII|IIII|IIII|IIII|IIII|IIII|IIII|IIII

0 90 180 270 360 450 540 630 720

Phase Angle (Deg)

Figure 2-8 — Class-J voltage waveform - The effect of adding a second harmonic component in-phase

with the fundamental component (normalized to (Ve - Vceeos), the zero value refers to Vceeos).

Cripps [10] has presented the load for class-J operation as a capacitive second harmonic

termination with a combination of a resistive and inductive termination at the fundamental
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frequency. Others, such as Wright, et al. [28], have utilized the same proposed load based on active
load-pull measurements where the load at the fundamental frequency as well as the second and
third harmonics are tuned. The following analysis clarifies the reason of the required load for class-
J when utilizing the second harmonic component only.

The operation of class-J mandates biasing the transistor as deep class-AB (ideal class-B)
where the collector current takes the form of a truncated sinusoid (almost a half-wave sinusoid).
Hence, the collector current waveform contains a high level of the second harmonic current
component that is in-phase with the fundamental component, as shown in Figure 2-4.

From the analysis in Section 2.3.1, in order to achieve maximum power efficiency and not to
generate real power at the second harmonic frequency, a pure reactive termination (inductive or
capacitive) should be presented to the second harmonic current component. A capacitive
termination (-j.X) is more suitable since a shunt capacitor can be easily added at the collector and
the transistor output capacitance can be integrated as part of the shunt capacitor. But from the
analysis presented by Cripps [10], applying a capacitive second harmonic termination and a
resistive fundamental load degrades both of the output power and the power efficiency. Therefore,
the fundamental load needs to be modified such that the phase of the fundamental voltage
component is shifted to match with the phase of the second harmonic voltage component.

Typically, the output terminal of the transistor represents a current source that contains many
harmonic components. Presenting a pure capacitive load to the second harmonic current
component causes the phase of the second harmonic voltage component to be shifted from the
current waveform by -7/2, as both of the fundamental and the second harmonic current components
are in-phase.

Assuming the voltage reference is positive at the collector, as shown in Figure 2-7, the second

harmonic voltage component can be written as
v, =V, cos(ZwO t +m+ 91,,2) (2-31)

where 6.2 1s the phase shift of the second harmonic voltage component due to the presented load.
The 6,2 equals -7/2 in case of a pure capacitive termination. Equation ( 2-31 ) can be rearranged

as follows

28



v, =V, cos <2w0 t +m— (g))

_V, cos <2 (o0t + (g)))

Adding a phase of 2z, Equation ( 2-32 ) can be modified to

(2-32)

v, =V, cos (2 (wo t + (%) + n)) (2-33)

The fundamental voltage component can be written as
v, =V, cos(wgt +m+6,,) (2-34)

where 6y,1 1s the phase shift of the fundamental voltage component due to the presented load. From
Equations ( 2-33 ) and (2-34), in order to align both the fundamental and second harmonic voltage
components to be in-phase, the phase shift (6y,7) should equal +7/4.

Hence, the simplest fundamental load that provides the needed phase shift is

Zin =Ry +jRy (2-35)

where the inductive part equals the resistive part in order to shift the phase of the fundamental
voltage component by +7/4 from the fundamental current component.
As a result, the necessary load for class-J operation when utilizing the second harmonic can

be defined as

ZL1,] = RLl,] +jRL1,] (2-36)

ZLZ,] = _jXLZ,]

where the second harmonic load is a pure capacitive termination, and the load at the fundamental

frequency is a combination of resistive and inductive termination, as shown in Figure 2-9.
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Figure 2-9 — The required load for class-J operation.

2.3.2.2 - The Optimum Load for Class-J Operation
Adding the second harmonic voltage component in-phase with the fundamental component raises
the minima of the voltage waveform above the edge of saturation voltage (Vce £os). The optimum
load for class-J is determined as the load that allows the maximum possible increase of the
fundamental voltage component such that minima of the voltage signal is restored back to the edge
of saturation voltage and not swinging below it to maintain linear operation.

Realizing that class-J operation requires biasing the transistor as a deep class-AB (ideal class-
B), the initial load at the fundamental frequency for class-J is the same load of class-B operation,
as presented in Section 2.2.2. Assuming ideal class-B operation, from Equation ( 2-12 ) the

fundamental current component (/c,max ) 1s calculated to be

Icl,Max,B = 0.5 * iC,Max (2'37 )

Also, the second harmonic current component can be computed from Equation ( 2-13 ) as
Ieomax,p = 0.212 % i gy (2-38)

The optimum fundamental load for ideal class-B (R.:,5) is calculated from Equation ( 2-15) as
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Vcel,Max,B _ VDC - VCE,EOS

Icl,Max,B - (0'5 * iC,Max)

Rpip = (2-39)
For class-J operation, the instantaneous collector voltage waveform that is constructed from

DC, fundamental, and second harmonic components can be written as
Vee,) = Ve + Veer; €05(6 ) + Veep  c05(26, ) (2-40)

where Vpc is the DC supply voltage and assuming Vce eos = 0 to simplify the derivation. The Veer,s
is the amplitude of the fundamental voltage component. The Veez.s is the amplitude of the second
harmonic voltage component. The 6o is the time-varying phase angle of the collector voltage which
is +7/4 out of phase with the collector current.

In order to determine the maximum increase of the fundamental load and the optimum reactive
termination for the second harmonic component while maintaining the minima of the voltage at
the edge of saturation voltage, Equation ( 2-40 ) is solved for the maximum value of Veess with a
corresponding value of V.2 that causes the minima of the instantaneous collector voltage (v») to
equal zero, which corresponds to the edge of saturation voltage (Vck ros) in a real transistor.

At the minima of the waveform the slope equal to zero for a specified phase angle (o,umin).

Differentiating Equation ( 2-40 ) with respect to the phase angle (6o)
d , .
ﬁ(vce,]) =0= _Vcel,] Sln(eo,Min) - 2Vcez,] Sln(ZHO,Min) (2'41 )
0

Applying the trigonometric feature sin(26) = 2 sin(6).cos(6)

Veer, ]

(2-42)
4"Vcez, J

cos(Bomin) = =

Utilizing the feature cos(26)= 2 cos*(d) — 1 and Equation ( 2-42 ) in Equation ( 2-40 )
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2
Veers Veer,
Vee, (Bomin) = 0 = Ve + Veer <_ ﬁ) + Veez <2 ( 2 -1

ce2,] 4VceZJ
2 2
— VDC _ Vcel,] + Vcel,] _ Cez,] (2_43)
4’Vcez,] 8Vcez,]
chel,]
=Vpe——— Vcez,]
8Vce2,]

Rearranging all terms and multiplying by Veez.s

Vier)
Viery = VocVeer) +—5= =0 (2-44)
Solving Equation ( 2-44 ) for Vee2s
V2
Vpe £ \/VI?C —4 <%1]> (2-45)

Vcez,] = 2

For a real value of Ve, the following equality must be valid

VZ
V2. — ( C;” > >0 (2-46)

which is rearranged to
Veery < V2% Ve (2-47)
Therefore, the maximum value of the fundamental voltage component (Vees,max.s) can be given as
Veei,max,) = V2 Vpe (2-48)

Applying that value of Veermaxs in Equation ( 2-45 ), the corresponding value of the second

harmonic voltage component (Vee2.7) can be computed as
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VD C

Veezy = - (2-49)

By replacing Vpc by the maximum amplitude of the fundamental voltage of class-B (Veer,max.B

= Vpc — Vce,eos) in Equations ( 2-48 ) and ( 2-49 ), we obtain
Veer,Max,) = V2 cel,Max,B (2-50)
while the corresponding amplitude of the second harmonic voltage (V<.2) is found to be
Veez) = 0.5 * Veer max,s (2-51)

From Equation ( 2-36 ), the magnitude of the fundamental load of class-J operation is found to be

Vcel,Max,] _

|ZL1.]| = = V2 Ri1 (2-52)

cl,Max,]

Since class-J is biased as deep class-AB (ideal class-B), then Ici.max.s = Ic1,Max,8. From Equations (
2-50 ) and ( 2-52)

Vcel,M ax,]

\/E * RLl,] =
cl,Max,]
\/_ * Vcel,Max,B ( 2-53 )

Icl,Max,B

= V2« R

Therefore, the resistive load at the fundamental component of class-J can be calculated as
RL1,] = RLl,B (2-54)

Calculating the reactive second harmonic termination of class-J

V 2.
|ZL2,]| = = X2 (2-55)
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From Equation ( 2-37 ) and ( 2-38 ), The amplitude of the second harmonic current component can

be written in terms of the amplitude of the fundamental current component as

0.212
ICZ,Max,] = <W) Icl,Max,] ( 2-56 )

From Equation ( 2-51 ) and ( 2-56 ) into Equation ( 2-55)

X _ 0.5 * Vcel,Max,B
Lz.) = 10.212
(5557 fermans

= 1.179 % Vcel,Max,B ( 2-57 )

I cl,Max,B

=1.179 * Ry,

From Equations ( 2-54 ) and ( 2-57 ), the optimum load of class-J operation can be determined in

terms of the optimum fundamental load of class-B (R.:,5) operation as

ZL1,] = RL1,B +jRL1,B

(2-58)
ZLZ,] = __](1.179 * RLl,B)

where the fundamental load of class-B operation can be easily calculated for a given transistor
from the /-V transfer characteristic which equals the optimum load of class-A. The optimum load
given in equation ( 2-58 ) agrees well with what have been proposed by other authors, such as
Wright, et al. [29], and Rezaei, et al. [30].

It is important to note that the proposed load of class-J is assumed to be presented at the output
current source of the transistor where the transistor parasitics and the output capacitance are
considered as part of the output matching network. In a real design, the load should be modified

to consider those effects.

2.3.2.3 - Maximum Linear Output Power and Power Efficiency of Class-]
Given that class-J operation is biased as ideal class-B, the optimum (maximum linear) output
power achieved by presenting the optimum load that is given by Equation ( 2-58 ) to the transistor

can be calculated by
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Popt,] = EVcel,Max,]Icl,Max,]COS(ev,l - 91‘,1) (2-59)

where Ic1 Max.s= Ic1,max,3. From the derivation of Section 2.2.3

T
Iy maxp = > * Ipc (2-60)

From Equations ( 2-50 ) and ( 2-60 ) into Equation ( 2-59 ), and the phase difference between the
fundamental voltage and current components is +7/4 then cos(6v;— 6;1) = 1/N2 , the optimum

power of class-J can be calculated as

Popt,B = E * \/_ * Vcel,Max,BIcl,Max,BCOS(Hv,l - Hi,l)

1 s 1
= 3% V2(Voc = Verpos) * 5 * e * (2-61)
s
= 1 (VDC - VCE,EOS)IDC
The corresponding maximum power efficiency is given by
T
P, 4 (VDC - VCE,EOS)IDC
NMax) = — = (2-62)

PDC VDCIDC

where Py is the power delivered to the load (in Watts). The Ppc is the consumed DC power (in
Watts). Assuming an ideal transistor where Vck eos is very small and approaching a value of zero,
then the efficiency for an ideal transistor (#ideas) is given by

T

4 VDCIDC

Nideal,) = = 78.5% (2-63)

VDCIDC

It should be noted that both the optimum (maximum linear) output power and the power efficiency

of class-J match the ideal class-B operation.
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2.3.3 - Class-F Operation

Class-F is another concept of utilizing the generated harmonics to improve the power efficiency
of the power amplifier, as presented by Raab [31]. In class-F, the third harmonic voltage
component is utilized to engineer the collector/drain voltage. Aiming at achieving the same goal
of utilizing the harmonics, adding the third harmonic voltage component to the fundamental
component reduces the peak-to-peak voltage swing of the resultant waveform, as shown in Figure
2-10. The resultant voltage waveform has a higher minima than a sinusoid at the fundamental
frequency, allowing the increase of the fundamental voltage component by increasing the load
impedance magnitude at the fundamental frequency. As a result, the fundamental output power
increases with no increase in the DC power, which transfers into an increase of the power

efficiency.
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Figure 2-10 — Class-F voltage waveform - The effect of adding a third harmonic voltage component to the

fundamental component (normalized to (Vioc - Vceeos), the zero value refers to Vceeos).

In class-F operation, the transistor is typically biased as class-AB. It is interesting to note that
the third harmonic current component at the ideal class-B operation equal to zero, as shown in
Figure 2-4. Therefore, in class-F, the real transistor is typically biased more towards class-AB
operation to generate a moderate level of the third harmonic. Such a biasing condition results in a
high level of the second harmonic current component. Hence, the optimum class-F operation

mandates presenting a short-circuit termination at the second harmonic.
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2.4 - Summary

This chapter presented the current techniques of improving the power efficiency of a linear power
amplifier, deep class-AB and class-F. The main issue that hinders these techniques from achieving
the maximum theoretical power efficiency lies in the implementation part of the design. In deep
class-AB operation, presenting a non-perfect short-circuit at the harmonics, especially the second
harmonic, by using a small shunt capacitor at the collector terminal rather than a second harmonic
trap or using a single second-harmonic trap rather than double second-harmonic traps in a
broadband design, causes degradations in both power efficiency and output power.

Class-J operation was investigated in details where the optimum load, the maximum power
efficiency, and the maximum linear output power were calculated. The analysis of class-J was
restricted to utilizing the second harmonic voltage component rather than the general theoretical
definition of class-J where the second and higher harmonic voltage components can be utilized.
Class-J has few advantages that makes it suitable to the implementation of a handset power
amplifier. Class-J does not require a perfect short-circuit termination to the second harmonic,
eliminating the need for a second harmonic trap and avoiding the implementation issue of deep
class-AB. Class-J adds the second harmonic voltage component with the right phase to the
fundamental component which increases the minima of the voltage waveform away from the edge
of saturation voltage (Vckros) avoiding the operation in the saturation region of the transistor
which is a highly non-linear region. Therefore, class-J can achieve a higher practical power
efficiency than deep class-AB while maintaining a high linearity.

While this chapter focused on techniques to achieve high power efficiency, the next chapter
discusses the linear operation of power amplifiers, where the sources of nonlinearity and the

techniques to improve the linear operation are presented.
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Appendix

A2.1 - Derivation of the Collector Current Components

The collector current waveform takes the shape of a truncated sinusoid when operating at a reduced

conduction angle, as shown in Figure 2-11.
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Figure 2-11 — The collector current waveform as a truncated sinusoid (normalized to maximum current).

Following the analysis presented by Cripps [10], the instantaneous collector current (ic), as a

function of the angle variable (6 = w f), is represented as,

a a
IDC,Q + IC COS(Q) 1] (_E < 0 < E)
ic (0) = N (2-64)
O, (—T[<9<—E),(E<0<T[)
where,
I, = iC,Max - IDC,Q (2-65)

and Ipc,o is the quiescent DC collector current. The icumax is the maximum instantaneous collector

current for the given transistor. The a is the conduction angle.

Noting that at = (a / 2), ic = 0, and substituting into Equation ( 2-64 ),
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“lpeq =1, cos (%) (2-66)

Utilizing Equation ( 2-65 ) results in,

) a
_IDC,Q = (lC,Max - IDC,Q)' COoS (E) ( 2‘67 )
Rearranging both sides of the equation,
. a a
Ic Max COS (E) =Ipcyg (cos (E) - 1) (2-68)
Then Ipc,o can be written as,
. cos (%)
Ipco = lemax gy (2-69)
cos (7) -1
Also, from Equation ( 2-66 ),
—Ipc,
I, =—>2 (2-70)
cos (7)
Substituting from Equation ( 2-69 ), then /. can be written as,
; ) -1
=lcMax g 2-71
‘ “ cos (%) -1 ( )

Substituting from Equations ( 2-69 ) and ( 2-71 ) into Equation ( 2-64 ), in order to write the

instantaneous collector current (ic) in terms of ic.max and a ,
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! ﬂ_i _cos(®) (-Z<6<9
M os (%)—1 M os (%)—1’ 2 2

0, (—n<9<—%),(%<0<n) (272)

_ ) coslz’%%(cos (%) - cos(@)) ) (_% <g< %)

\ 0, (—7T<9<—%),(%<9<7r)

ic (6) =

\
p

Performing the Fourier series analysis, while considering:

e Since it was elected to represent the collector current waveform in terms of a cosine
function which is an even function, only the even exponents of the Fourier coefficients
exist.

e Typically, the integrals of the Fourier series are performed in the time-domain. But the
integrals can be transformed to the angle-domain by considering, 8 = w.t , then df =
w.dt .

From the Fourier series analysis, the DC component is calculated by,

1
IDC == 2_ iC (9). dg (2'73 )

T

|
N e N

Solving Equation ( 2-73 ), and utilizing the trigonometric feature ( sin(-x) = -sin(x) ), the DC

collector current component is given as,
Ipc = %.Cosiz‘%%. (a cos (%) — 2sin (%)) (2-74)

From the Fourier series analysis, the harmonic components are calculated by,

ic (0).cos(nB).do (2-75)

L, =

QR
NIQ\:I\HQ
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where n is the harmonic component index. Solving Equation ( 2-75 ), and employing the

trigonometric features: (cos(a).cos(b) = (1/2).(cos(a+b) + cos(a-b))), and ( sin(-x) = -sin(x) ).
1 Ic Max 2 ay . a 1 a
I, = E.#. (; cos (E) sin <n (E)> ) sin <(n +1) (E)>
1
— sin ((n -1) (%)))
Simplifying Equation ( 2-76 ) by using the feature (sin(a).cos(b) = (1/2).(sin(a+b) + sin(a-b))),
_ 1 iC,Max 1 . a 1 . _ E
In —E.W.<551n<(n+1) (E))+Esm((n 1) (2)>
1 a 1 a
1 sin <(n +1) (E)> b— sin ((n -1) (E)>>
1 lc Max 1 1 . a
= ;W ((; — ‘I’l_-l-]_> Sin ((Tl + 1) (§)>

G0 6)

Applying (n = 1) in Equation ( 2-77 ) and utilizing the feature ( Limx—o (sin(x)/x) = 1), the

(2-76)

(2-77)

fundamental collector current component is computed as,

1 -_ . . -
T cos (g) —1 \2 2

Applying (n = 2) in Equation ( 2-77 ), the second harmonic current component is given as,

I =1.M.<lsin<3—a)—lsin(g)> (2-79)
2 ﬂcos(g)—1 6 2) 27 \2
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Applying (n = 3) in Equation ( 2-77 ), the third harmonic current component is calculated as,

1 iC Max 1 . 1 .
I3 =— ———. (— sin(2a) — —sm(a)) 2-80
T cos (%) —1 M2 6 ( )
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3.

Linearity in RF Power Amplifiers and Bias Circuits

3.1 - Introduction

A linear time-invariant circuit must hold the superposition concept and not generate new
frequencies. For a transistor that operates as a transconductance amplifier, an ideal linear amplifier

can be defined by the relationship between the input and output signals as follows

lo ) = Im-V; ) (3-1)

where vi is the input voltage signal. The i, is the output current signal. The gm is the amplifier
transconductance, where g 1s a constant.

Typically, weakly nonlinear operation of the power amplifier is modeled using a power series,
or a Volterra series where the phase effect is included. The coefficients of the series are function

of the bias point of the transistor as well as the output and input matching networks.
i, ®)=a, ta,.v; +a,.v?+a;.v?+ (3-2)

A circuit that operates under a strong nonlinearity is best analyzed using a harmonic-balance
or a time-domain approach. However, it is still desirable to develop a basic understanding of the
analysis independent of the simulation when using CAD tools.

The nonlinear operation of the power amplifier causes the generation of unwanted distortion
products which extend out of the intended channel of the transmitted signal. The unwanted
distortion products may interfere with signals in other channels. Therefore, it is necessary to reduce
their level. In the case of applying an unmodulated two-tone signal, the distortion products can be
categorized into harmonic components and intermodulation distortion (/MD) products. The
harmonic components and the even-order intermodulation products can be easily filtered out by a
low-pass filter and appropriate DC-blocks. Odd-order intermodulation products, especially third,
fifth, and seventh which occur in-band, in adjacent channels, and alternate adjacent channels, are

almost impossible to attenuate due to their existence close to the intended channel.
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Recent cellular standards employ linear modulation schemes where both the amplitude and
phase of the transmitted signal contain information that is required to be preserved during
transmission. A major purpose of employing a linear modulation scheme is to achieve a higher
spectrum efficiency. For example, Long-Term Evolution (L7TE) and LTE-Advanced employ
Quadrature Phase Shift Keying (QPSK), and Quadrature Amplitude Modulation (/6-QAM, and
64-QAM). In order to achieve a high data-rate, current standards (LTE, and LTE-Advanced) utilize
Orthogonal Frequency-Division Multiplex (OFDM) as a multi-carrier modulation format.
Different access schemes are applied in the downlink and uplink. In the downlink, Orthogonal
Frequency-Division Multiple Access (OFDMA) is used, which is a multi-carrier access scheme,
but has the disadvantage of a high peak-to-average power ratio (PAPR). In order to improve the
handset power efficiency, in the up-link Single-Carrier - Frequency-Division Multiple Access (SC-
FDMA) is utilized since it has a lower peak-to-average power ratio.

The requirement for linearity in radio-frequency power amplifiers arises from the necessity of
achieving minimum interference with other channels in the frequency spectrum. Also, as cellular
standards apply digital modulation schemes with both of the amplitude and phase are varying, the
need for linear power amplifiers increases, since the nonlinearity of the power amplifier causes not

only a spectral spreading, but also amplitude and phase distortions of the transmitted signal.

3.2 - Nonlinearities in Power Amplifiers

3.2.1 - The Nature of Nonlinearities

In power amplifiers, as the input drive signal increases the output power (Pou) increases until it
reaches the 1dB compression point. Increasing the input power further causes the output power to
approach a saturated power level as shown in Figure 3-1. In terms of sweeping the input power
(Pin), the power amplifier operation can be divided into two regions: the varying output power
region and the saturated output power region. In Figure 3-1, the varying output power region is the
region below Pour = 32 dBm, while the saturated output power region is the region above Pour = 32

dBm.
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Figure 3-1 — Output power (Pow) vs. input power (Pin), and power gain (Gp) vs. output power (Pou) as input
power (Pin) is swept.

3.2.1.1 - Weak and Strong Nonlinearities

The nature of nonlinearity is different in each of the regions defined in Figure 3-1. The transistor
nonlinear /-V transfer characteristics can be categorized into a weak nonlinearity and a strong
nonlinearity, Maas [9]. In the saturated output power region, the strong nonlinearity occurs as the
power amplifier operates beyond the 1 dB compression point, where the input drive is large such

that the collector current and voltage waveforms exceed the boundaries of saturation and cut-off.
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The varying output power region coincides with the continuous region of the /-V transfer
characteristics, where the weak nonlinearity occurs. An example is the operation of a class-A
power amplifier up to, but not beyond, the 1 dB compression point. It should be noted, when
operating at a reduced conduction angle, the truncated sinusoid of the collector current becomes
another source of nonlinearity.

For a constant envelope signal, it is desirable to operate the power amplifier at the saturated
output power level (Pour = 34 dBm, in Figure 3-1), to achieve the highest possible efficiency.
Hence, the power transistor shows a strongly nonlinear behavior as high levels of harmonic
components and intermodulation distortion products are generated. In contrast, for a signal with a
varying envelope, the amplifier operates within the power range of the signal such that the
maximum power of that range coincides with the maximum linear power of the varying output
power region (Powr = 32 dBm, in Figure 3-1). In that case, the power transistor shows a weakly
nonlinear behavior as low levels of harmonic components and intermodulation distortion products

are produced.

3.2.1.2 - AM-AM and AM-PM Conversions

An ideal linear power amplifier is expected to have a constant power gain (Gp) (constant AM-AM
conversion), in the varying output power region.” Increasing the input power by 1dB should
increase the output power by 1dB. But, in general, the varying output power region may show a
constant power gain, a gain compression, or a gain expansion.'® Both gain compression and gain
expansion present a form of an undesired AM-AM distortion.

Phase distortion is an important aspect of the nonlinear operation of the power amplifier. Both
amplitude distortion and phase distortion cause a waveform distortion. It is often observed that as
the output power level varies, the phase difference between the output and input signals varies, in
what is known as AM-PM conversion.'! Such a situation is related to the nonlinear characteristics
of the power transistor, Jardon A and Vazquez L [32] and Cabral, et al. [33]. Ideally, a linear power

amplifier is expected to have a constant phase difference over the varying output power region.

9 - The term “AM-AM refers to the process of varying the input power causes a variation in the output power.

10 Gain expansion refers to the phenomenon where increasing the input power causes the power gain to increase
before the output power approaches the compression then the saturated power level.

1 The term “AM-PM refers to the process where varying the output power, by sweeping the input power, causes
the phase difference to vary.
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3.2.1.3 - The Reduced Conduction Angle Effect

Cripps [10] has presented a detailed analysis for the reduced conduction angle operation using a
transistor with an ideal /- transfer characteristics as it operates with a linear transconductance and
a zero value for the edge of saturation voltage (Veos). The results of the analysis show that 4M-
AM linear operation is a function of the conduction angle. The analysis illustrates this aspect in
terms of the classical power amplifier classes. A class-A power amplifier has a constant gain due
to the assumption of the linear transconductance. A class-AB operates with a gain compression
(nonlinear AM-AM) with the existence of odd-order harmonic components generated by the
truncated sinusoid of the collector current. A class-B operates with a constant gain (linear AM-
AM) with no odd-order harmonic components. While a class-C shows a gain expansion (nonlinear
AM-AM). As a conclusion, operating at a reduced conduction angle inherits a nonlinearity that is

a function of the conduction angle value due to the truncated sinusoid of the collector current.
3.2.2 - The Transistor Effect on Linearity

3.2.2.1 - The HBT Transistor Effect
The analysis discussed in Section 3.2.1.3 assumes an ideal transistor with a linear transconductance
but, an HBT transistor is governed by the exponential relationship between the base-emitter
voltage (vse) and the collector current (ic). As a result, the HBT transistor exhibits a smooth
transition between the cut-off and active regions. Hence, the ideal class-B definition is not
applicable to such a transistor, since there is no specific bias point where the transistor turns on.
The exponential relationship of the HBT transistor displays an expansive transconductance
within the varying output power region. As the input power increases, the transconductance

increases which is a result of the DC bias changes. The transistor transconductance is given by

_ dig

dvgg

Im ( 3-3 )

Additionally, the HBT transistor shows a varying nonlinear input impedance, as it contains both

nonlinear input capacitance and resistance at the base-emitter PN junction, Woonyun, et al. [34].
An investigation was carried out on an HBT transistor to recognize the effect of reducing the

conduction angle on the linear operation within the varying output power region. Figure 3-2 shows
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the simulation results of the power gain (Gp) as the input power (Pix) increases. A specific base
bias voltage was found where a constant gain is maintained and the power amplifier operates as a
linear amplifier at the fundamental frequency. This operation refers to the deep class-AB,'? which
is equivalent to the ideal class-B operation. As the base bias voltage increases above that bias point,
causing the conduction angle to increase, the power amplifier displays a gain compression. Which
refers to a quasi-AB operation. But as the bias voltage decreases below the deep class-AB bias
point, the conduction angle decreases and a gain expansion is observed. This smaller conduction

angle case refers to class-C operation.

Power Gain (dB)
=
|

7 ||||||||||||||||||||||||||||||||||

28 29 30 31 32 33 34 35

Pout (dBm)

Figure 3-2 — The effect of bias point and reduced conduction angle on linearity.

It is interesting to observe that a real HBT transistor displays a better linear operation than an
ideal piece-wise linear device when in deep class-AB operation. An explanation of such a better
linearity is a cancellation takes place between the gain compression (due to nonlinearity of the
truncated sinusoid) and the expansive transconductance occurring due to the device exponential

relationship.

3.2.2.2 - 0dd-Degree Components Effect

Cripps [11] has revealed that a specifically engineered nonlinearity of a transistor may help to

improve both of the linearity and efficiency of the power amplifier when operating at a reduced

12_ The term deep class-AB refers to the operation with a conduction angle less than but very close to 180° where a
specific low bias point provides a linear AM-AM operation.
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conduction angle. The transistor is assumed to exhibit a nonlinear transconductance that only
produces the fundamental and even-harmonic current components. Although such a device does
not exist, the analysis provides a conceptual understanding that a real device may show a linear
operation and higher efficiency than an ideal device. Also, the analysis shows that eliminating the
odd-order harmonic components helps achieving a better linearity. It should be noted that the
highlighted analysis agrees with the discussion of Section 3.2.13 where an ideal class-B is highly

linear as it contains no odd-order harmonic components.
3.2.3 - HBT Design Considerations

3.2.3.1 - Simple HBT Large-Signal Model

A simple large-signal model for an HBT transistor that operates in the active region is shown in
Figure 3-3. The model contains a base-emitter diode and a collector-emitter current source. The
model represent a simplified version of the Ebers-Moll model for a bipolar transistor, Gray [35].
Although the model is much simpler than an advanced full model of HBT transistor, Zhang, et al.

[36], both agree in the fundamental function that describe the power amplifier operation.

PR
v_be @} g.m.v_be

*—e

Figure 3-3 — A simplified HBT large-signal model for operation in the active region.

The following two equations governs the relationship between the collector current (ic), the

base current (iz), and the base-emitter voltage (vse)

ic =P ig (3-4)

YBE YBE (3-5)
iC :IS (enVT _1) z[s enVT
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where f is the transistor current gain. The Vr is the thermal voltage. Both Is and n are device
parameters.

It should be noted that the relationship between the collector current (ic) and the base current
(ip) is linear due to the f multiplication, while the relationship between the collector current (ic)
and base-emitter voltage (vsr) is exponential. This exponential characteristic is one nonlinear
relationship of the transistor which causes an expansive transconductance, as discussed in Section
3.2.2.1. The second is the relationship between the RF base-emitter voltage (vse) and the input

drive voltage (vin) due to the nonlinear input impedance of the HBT.

3.2.3.2 - Linearization Method for HBT

Following the transconductance model that has been adopted throughout the analysis, a linear
power amplifier design may target a linear amplitude relationship between the collector current
(ic) and the input drive voltage (vin) at the design frequency. One technique to achieve that target
is to linearize the relationship between the base current (i») and the input drive voltage (vin) as
suggested by Cripps [11]. Adding a resistor (Rs.zin) in series with the base terminal in the RF path

reduces the effect of the nonlinear input impedance of the HBT, as shown in Figure 3-4.

RFC

Figure 3-4 — A Base resistor to linearize the HBT characteristics.

Vin = Iy Rgpin + ip Zinupr (3-6)

50



where Zinusr represents the nonlinear input impedance of the HBT transistor. As Rp Lin increases
such that Rp in >> Zinnar, the term (is. RpLin) dominates the right hand side. Since Rz i is a linear
resistor, the relationship between the input drive voltage (vi») and the RF base current (i») becomes
more linear. This modification can be seen as linearizing the performance of the transistor from
the exponential relationship in Equation ( 3-5 ) towards a linear relationship between the input

voltage (vin) and the RF base current (ip).

3.2.3.3 - Input Matching Network Effect

The input matching network is often designed to be of a high Q. As a result, the harmonic
components of the base current see a different impedance than the fundamental. The matching
network frequency response shapes the base current and causes the same effects to the collector
current waveform.

Utilizing the reduced conduction angle technique aims at obtaining a collector current
waveform of a truncated sinusoid which contains many harmonic components, while retaining a
linearity at the fundamental frequency. Since the relationship between the base current (is) and the
collector current (ic) is linear, the same shape of the truncated sinusoid for the base current is
obtained for both waveforms. In order for the linearizing resistor (Rs..in) to be effective in
improving the linearity, the resistor must be a real resistor and not be applied to the base terminal
through a transformation of the input matching network. Hence, the input matching network has a

key effect on linearity in HBT-based power amplifiers and must be considered in the design.

3.2.3.4 - Bias Resistor Effect

A disadvantage of adding a real resistor in the RF path, as discussed in the last Section 3.2.3.2, is
the decrease in the power gain which may cause a degradation in the power added efficiency
(PAE). Typically, the bias circuit is also connected to the base of the power transistor through a
bias resistor (Rsss), as shown in Figure 3-5, which increases the output impedance of the bias
circuit and acts as an RF choke to reduce the RF leakage to the circuit.

The bias resistor can be utilized to improve the linear operation without adding a real resistor
in the RF path since both the output (Thevenin) impedance of the input matching network (Zour,mmn)
and the output impedance of the bias circuit (Zow,8s) define the impedance presented to the base of
the power transistor. Figure 3-6 highlights that concept, as it shows the equivalent circuit of the

circuit shown in Figure 3-5, by considering the input matching network presents the required
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impedance at the fundamental component with a narrow band response, while the output
impedance of the bias circuit presents the required impedance for the DC component and the
harmonic components to compensate for the frequency response of the input matching network.
Therefore, it is important to consider the effect of the bias resistor on the linear operation of HBT-

based power amplifiers.

V_Reg
V_DC
Bias
Circuit
RFC
R B,Bs RF_out
RF_i
-1 Matching I
Network I -

Figure 3-5 — An HBT Bias circuit with a bias resistor.
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Figure 3-6 — An equivalent circuit of the input section of a single-stage PA as shown in Figure 3-5.

3.3 - Measurements of Linearity

Multiple methods are used to assess the linearity of a radio-frequency amplifier in simulation and
laboratory measurements. A few tests rely on applying unmodulated tones to the amplifier, such

as the two-tone test. Other methods are based on applying a modulated signal to the amplifier, such
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as adjacent channel power ratio (ACPR) and error vector magnitude (£VM) measurements. Those

tests also provide an indication of the memory effect occurring in the power amplifier.

3.3.1 - Two-tone Test

The two-tone test is one method of evaluating the linearity of the amplifier. The test applies two
unmodulated tones (at frequencies: f; and f2) within the intended channel. Both tones have the
same power level, as shown in Figure 3-7. The idea of applying two tones is to modulate the

envelope of the input signal across its full range.

Pout
2-Tones

Odd-order Even-order

Frequency

Figure 3-7 — Spectrum of the two-tone signal, the generated IMDs and harmonics.

Due to the nonlinearity of the amplifier, harmonic distortion components and intermodulation
distortion products of all orders are generated. Harmonic components (2f1, 2f2, 3f1, 3f> ...) are
easily rejected by adding a low pass filter following the amplifier, or constructing the output
matching network of the amplifier to have a frequency response of a low-pass filter form. All
orders of intermodulation distortion products are generated. In general, the frequency of the

intermodulation products are given by

fiup =mf; +nf, (3-7)

where m and n are integers. Odd-order intermodulation products that appear in-band, and within
the adjacent channels and the alternate adjacent channels, are of great concern since it is extremely

difficult to reject them. The main focus is on the third-order products ((2f7 — f2) and (2f2 - f1)) since
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they usually have the highest level of all intermodulation products and are the closest to the
intended channel.

Multiple parameters are calculated from the generated distortion products to evaluate the
linearity, such as the second-order intercept point (/P2), the third-order intercept point (/P3), and
the intermodulation distortion ratio (/MR), Kenington [37].

It should be noted that, if the two-tone test results in an unequal power level of the
intermodulation products on each side of the intended channel, then that is an indication of the

memory effect occurring in the amplifier.

3.3.2 - Adjacent Channel Power Ratio (ACPR)

The adjacent channel power ratio is a test to evaluate the linearity of the amplifier when it is driven
by a modulated signal. It is a measure of the spectral spreading in the adjacent channels and
alternate adjacent channels. Typically, the input signal to the amplifier has spectral components
that are only contained in the intended channel. The nonlinearity of the amplifier causes a spectral
spreading out of the intended channel to the adjacent channels. The adjacent channel power ratio
is defined as the ratio of the power of a specified bandwidth (BW?2), which is centered at an offset
from the center of the main channel, to the power of a specified bandwidth (BWi), which is
centered within the main channel, as shown in Figure 3-8. In general, both bandwidths (BW: and
BW:>) are not equal and each bandwidth may represent a specified bandwidth of a channel that is

determined by the industry standards, [3GPP [38], 39, 40].

Main Ch.

Adjacent Ch.

Alternate Adjacent Ch.

Frequency
Figure 3-8 — Adjacent channel power ratio (ACPR).
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An indication of the memory effect in power amplifiers is to compare the spectral spreading
level on each side of the main channel. A difference is indicative of a memory effect existence.

Tests of linearity, which are based on applying a modulated input signal, require more
advanced measurement equipment in the laboratory and advanced simulation techniques which
consume longer simulation times compared to the two-tone test. One approach is to use the results
of the two-tone test to obtain approximated results for the ACPR test. Such an approach for the
adjacent channel power ratio was presented by Borges de Carvalho and Pedro [41]. It should be
noted that the approach is considered a quick and easy estimate that has some expected inaccuracy,

but provides a simple method to obtaining the desired data.

3.3.3 - Error Vector Magnitude (EVM)

The error vector magnitude is another test to assess the linearity of the amplifier when it is driven
by a modulated signal. It is a measure of the signal waveform distortion due to the amplitude and
phase distortions that occur within the amplifier. The same test is also applied to evaluate the
distortion within the transmission link between a transmitter and a receiver.

The error vector magnitude test is carried out by measuring the difference between the
reference waveform and the measured waveform. In the /-Q plane, the difference in amplitude and
phase between the ideal constellation point (reference symbol) and the measured point (measured
symbol) called the error vector. The error vector magnitude is defined, in dB, as the ratio of the
mean power of the error vector to the mean power of the reference vector. It is also defined, in
percentage, as the square root of the ratio of the mean power of the error vector to the mean power

of the reference vector, [3GPP [38], 39, 40].

3.4 - HBT Bias Circuits

The bias circuit is an important element that influences the power amplifier performance. It was
shown, in Section 3.2.2.1, that the bias point should be selected carefully to achieve the needed
linear operation as well as a high power efficiency.

The bias circuit is required not only to provide a specific current/voltage to the power
transistor, but also to compensate for a multiple of variations. As the power amplifier operates,
power dissipation occurs, raising the temperature of the power transistor and the circuit elements

surrounding it. The bias circuit is required to compensate for such temperature variations as well
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as the temperature variation due to the environment. During production, process variations are
observed among different wafers, different lots of wafers, and on the same wafer among dies from
the center of the wafer to the edge of the wafer. Hence, the design of the bias circuit should also
be robust against process variations.

Another factor that should be considered during the design of the bias circuit is the RF leakage
to the circuit from the RF path. In integrated circuits, utilizing an on-chip inductor as an RF choke
between the bias circuit and the base of the power transistor is not preferred. Inductive chokes
contradict the requirement of a compact die size. As a result, the bias circuit is usually connected
through a resistor to the base of the power transistor where the RF signal is applied, causing an RF
leakage to the bias circuit which may affect the amplifier performance.

Typically, two DC supply voltages are available for a power amplifier module in handsets.
One is supplied by a regulated DC-DC converter (Vpc) which is typically connected to the collector
of the power transistor through an RF choke. The other is supplied from the battery (Vsar) which
varies over a wide voltage range (3 V - 4.8 V). Within the power amplifier module, a controller
provides a regulated voltage (Vreg) from the unregulated battery supply to serve as the
reference/supply voltage for the bias circuits in order to maintain a constant circuit performance
across the wide voltage range of the battery. Typically, the regulated voltage has the disadvantage
of low current driving capability.

This section presents a few bias circuits that are used in handset power amplifiers, starting
from basic circuits and ending with circuits that provide temperature compensations as well as a

reduction of the bias offset at high drive levels to improve linearity.

3.4.1 - Basic Bias Circuits

In a class-A power amplifier, the bias circuit aims to establish a constant DC collector current that
is insensitive to variations in temperature and process. One basic approach for biasing the power
transistor is to apply a fixed base voltage, by directly connecting the regulated voltage (Vzeg) to the
base of the power transistor. Another approach is to supply a fixed base current, by connecting the
regulated voltage to the base of the power transistor through a resistor, as shown in Figure 3-9.
Both approaches have major disadvantages and alternatives are recommended. In either case, the
power transistor may require a large DC base current at high output power levels, which may

interfere with the low current driving capability of the regulated supply voltage. In the case of
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supplying a fixed base current, the power amplifier performance becomes sensitive to £ variation

which is due to temperature and process variations, causing the DC collector current to change.

V_Reg V.DC V_Reg » V.DC
RFC % RFC
RFC § RF_out R B,Bs § RF_out
o
RF_i RF i
- Matching 11 - Matching 1 |/
Network Al Network 1] |\.
]
Fixed Fixed
Voltage Current

Figure 3-9 — Bias approaches of fixed base voltage, and fixed base current.

In the case of a fixed base voltage, any small variation in the base voltage (Vs£), due to the
regulated supply voltage (Vreg) variation, causes a large change in the collector current as a result
of the exponential relationship. As temperature increases, the base-emitter junction voltage
decreases by ~ 2 mV/°C. Therefore, as temperature increases, applying a fixed base voltage causes
the collector current to increases with no limiting mechanism, which may lead to the damage of
the power transistor in what is known as “Thermal Runaway”. As a conclusion, in order to maintain
constant DC collector current, it is required to have a bias voltage that decreases as temperature
increases, as discussed by Krauss, et al. [25].

Albulet [42] presented one method to improve the bias circuit characteristics against
temperature and process variations by adding a diode-connected transistor, which has the same
characteristics of the power transistor, and is biased by a constant current, as shown in Figure 3-10.
The diode-connected transistor is operating as a regulated voltage source with low impedance.
Such an approach avoids £ variation effects since both transistors have the same characteristics,
and the reference current is independent of f while it depends on the reference resistor and the
base-emitter voltage. For temperature compensation, the diode-connected transistor should be as
close as possible to the power transistor in order to maintain thermal coupling between both

transistors. One disadvantage of this configuration is the diode-connected transistor operates with
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a high bias current that is proportional to the collector current of the power transistor, mandating
it to be large and causing it to consume high DC power which reduces the overall efficiency of the
power amplifier. Also, this configuration does not provide a solution to the issue of the limited

current of the regulated supply voltage (Vreg).
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Figure 3-10 — A bias circuit of a single diode-connected transistor.

3.4.2 - Enhanced Bias Circuits

Figure 3-11 shows a modified circuit of the single-diode bias circuit shown in Figure 3-10,
presented by Matilainen, et al. [43]. Adding a base-current drive transistor to the diode-connected
transistor and connecting its collector to the unregulated supply voltage (Vaar) reduces the required
current from the regulated supply (Vreg) by shifting the majority of the required current to the
unregulated battery supply. The modification of the circuit causes no effect on the performance
since the regulated voltage is typically lower than the lowest level of the battery voltage. In the

modified circuit, the temperature compensation mechanism is the same as the single-diode circuit.
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Figure 3-11 — A bias circuit of a modified single-diode circuit with a base-current driver.

Another improved bias circuit, that was discussed by Krauss, et al. [25], provides a solution
to the issue of the low-current driving capability of the regulated supply voltage (Vzeg), as shown
in Figure 3-12. Adding an emitter follower to the single-diode bias circuit, reduces the current
needed from the regulated supply voltage, since the collector of the emitter follower is connected
to the unregulated battery voltage (Vaar), where most of the current is supplied. For the circuit to
operate properly, another diode-connected transistor is stacked in the reference branch. The
double-diode configuration provides a temperature compensation in the same manner as the single-
diode configuration with the requirement of the double diodes being in close proximity with the
power transistor to maintain a good thermal coupling. One disadvantage of this configuration is
the limited voltage difference available to the reference resistor, since an HBT transistor usually
exhibits a base-emitter voltage of 1.15 V, requiring a high battery supply voltage and causing the

circuit to be sensitive to variations of the regulated supply voltage.
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Figure 3-12 — A bias circuit of double diode-connected transistors with an emitter follower.

In the power amplifier operation of the reduced conduction angle mode (class-AB, B, and C),
an increase in the input drive signal causes the DC collector current to increase and the base bias
circuit is required to supply a much higher current than the quiescent current. Both bias circuits,
the modified single-diode and the double-diode, are capable of satisfying such a requirement. The
corresponding increase in the base current is primarily drawn from the Viur and not from the
regulated supply voltage (Vreg), which make both circuits more suitable to the reduced conduction
angle operation. It should be noted that as the input drive increases, the DC current increases and
the base voltage decreases simultaneously, allowing the bias resistor (Rs.5s) to handle the increase
of the DC current without turning off the amplifier.

More complicated bias circuits than those discussed in this section have been proposed to
achieve an optimum compensation against temperature and process variations while providing
more control mechanism to the power amplifier, such as those presented by Jarvinen, et al. [44],
and Yamamoto, et al. [45]. However, it has been found that simple bias circuits, such as the double-

diode, are effective in achieving a good bias performance while consuming a small die area.
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3.5 - HBT Bias Considerations

3.5.1 - Bias Depression

A bias depression phenomenon is observed in power amplifiers that employ HBT power
transistors, particularly at high input drive levels. An increase in the input drive signal causes a
decrease in the base-emitter DC voltage (V3k), as it shifts from the idle case where no input drive
signal is applied. In general, the bias depression occurs when applying an RF input drive signal to
a nonlinear load through a capacitive coupling. The nonlinear load may represent the base-emitter
PN junction of the HBT transistor, while the capacitive coupling is typically due to the DC

blocking capacitor that is used at the base of the power transistor, as shown in Figure 3-13.
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Figure 3-13 — An HBT with DC blocking capacitor and a bias circuit.

Clarke and Hess [15] have presented a detailed analysis for the case where an RF drive source
is coupled to a nonlinear load through a capacitor. Following their analysis to gain a deeper
understanding of the cause of the bias depression phenomenon, which may be seen as a basic
rectification process. The input of a single-stage power amplifier, as shown in Figure 3-13, can be
simplified to the circuit shown in Figure 3-14. In the figure, the diode (nonlinear load) represents
the base-emitter PN junction. The RF voltage source represents the RF input drive signal. While,

the DC current source represents the DC base current supplied from the bias circuit.
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v_in(t) L.DC w [ v.D

Figure 3-14 — An RF drive signal is coupled to a nonlinear load through a capacitor.

From the circuit, the instantaneous input current signal (izv) can be written as

in(t) =ip (t) — Ipc
Up. (3-8)

Vr

:ISe _IDC

where ip is the diode instantaneous current and vp is the diode instantaneous voltage. The Vris the

thermal voltage which is given by

vy = (39)

Assuming the DC blocking capacitor is a short circuit at RF frequencies, then Ve = - Vp,pc, where

Vp,pc is the diode DC voltage. Therefore

vp =vy— Ve (3-10)
=viy +Vppe

Assuming the input drive signal vin(f) = Vi . cos(wt) , then Equation ( 3-8 ) can be rewritten as

Ybpe <h>cos(wt)
3-11
in(@®)=1Is e et — Ipc ( )
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Letx = Vi/ Vr, the DC component of the input current signal (/ivpc) is calculate by

Vp,nc

v (3-12)
Iinpe =1Is e Ty (x) = Ipc

where /o(x) is the modified Bessel function of order zero. Noting that at steady state Iivpc =0 ,

then from Equation ( 3-12 ), the diode DC bias voltage can be computed by

IDC
VD,DC _ VT ln (I_) - VT ln (IO (x))

S

= VD,DCQ - AV

(3-13)

where Vb,.pco is the diode bias voltage at quiescent (idle) where no input signal is applied. The A4V
is the bias depression term.

Equation ( 3-13 ) shows that the bias depression level is a function of the RF input drive level.
The analysis also proves the empirical observation that increasing the input drive signal, decreases
the base-emitter bias voltage. The effect of bias depression on linearity appears in the shape of
AM-AM gain compression and AM-PM phase distortion. Therefore, targeting a linear power
amplifier operation mandates the bias circuit to increase the base bias voltage as the input drive

Increases.

3.5.2 - Bias Circuits with a Linearization Feature

The deviation in the bias point of the power amplifier causes a shift in the load line and degradation
of the desired linear operation. Continuous research by many individuals has been conducted to
investigate the design of bias circuits that improve the linear operation. Simple bias circuits with
a linearization feature have been proposed, such those presented by Yoshimasu, et al. [46], Jin-Cai
and Ling-Ling [47] and Kawamura, et al. [48].

Noh and Park [49] have presented a modification to the double-diode bias circuit, shown in
Figure 3-15, to increase the linear output power range. They have shown that a careful choice of
the shunt capacitor value at the base of the emitter-follower creates a low output impedance of the
bias circuit, causing an increase in the RF leakage to the circuit. The increased RF leakage forces
the emitter-follower transistor into a bias depression to compensate for the bias depression of the

power transistor due to the high RF input signal. The proposed technique highlights the value of
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the double-diode bias circuit. The circuit is capable of improving the linear operation, in addition
to its effectiveness in compensating for temperature and process variations, while occupying a

small die area.
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Figure 3-15 — A Bias circuit of double-diodes with a linearization feature.

3.5.3 - Ballast Resistor

A simple method to improve the thermal stability, and increase the safe operation region of an
HBT transistor is to add a ballast resistor in series with the base or the emitter terminal, as shown
in Figure 3-16. The resistor is effective in preventing the current collapse due to the thermal
instability, which appears as an unbalanced current distribution among parallel cells of the same

power transistor.
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Figure 3-16 — Base ballast, and emitter ballast resistors.

3.5.3.1 - Emitter Ballast Resistor

Guang-Bo, et al. [50] has presented that using an emitter ballasting resistor improves the current
handling capability of an HBT transistor. From the power amplifier design perspective, the emitter
ballast resistor increases the value of the edge of saturation voltage (Vzos), where the transistor
and the emitter ballast resistor is considered as one unit. From the discussion in Chapter 2, the
increase in the edge of saturation voltage reduces the maximum limit of the power efficiency that
can be achieved for a given transistor and a DC supply voltage. Reducing the efficiency is a major
drawback for using the emitter ballast resistor. Therefore, in high efficiency power amplifier

designs, using the emitter ballast resistor is avoided, especially at the power stage.

3.5.3.2 - Base Ballast Resistor

Liu, et al. [51] has proposed using a base ballast resistor as a solution to the thermal instability and
a method to prevent the current collapse. From the power amplifier design viewpoint, the base
ballast resistor does not influence the power efficiency compared to the emitter ballast resistor.
The base ballast resistor can also be effective in improving linear operation by considering the
discussion in Section 3.2.3 where a series resistor at the base terminal is used to improve the

linearity. But, if the base ballast resistor is used in the RF path, the power gain of the amplifier is
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reduced and may cause a degradation in the power-added efficiency. Therefore, it is recommended
to use the smallest resistor value that is sufficient to improve the thermal stability.

A simple approach to retrieve some of the reduced power gain due to the base ballast resistor
in the RF Path, when used to improve the thermal stability, is to bypass the resistor by a capacitor,
as shown in Figure 3-17. Such a configuration allows the ballast resistor to be effective in
balancing the DC current among the parallel cells, while the bypass capacitor provides a lower

impedance at the fundamental frequency to achieve a minimum decrease of the power gain.
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Figure 3-17 — A bypassed base ballast resistor.

To further illustrate the effect of such a configuration and help selecting the proper value of
the bypass capacitor, the following analysis derives the transfer function of the base ballast resistor
(Rs,8i57) and the bypass capacitor (Cp sisr) when terminated by a resistor (Rinpev) that represents the

input impedance of a transistor (to simplify the analysis), as shown in Figure 3-18.

R B,Blst
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Figure 3-18 — A bypassed base ballast resistor loaded by the input impedance of a transistor.
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The impedance of the ballast resistor and the bypass capacitor is given by

1

ZB,Blst = 1

R +jw Cgpist
B,Blst ( 3-14 )

RB,Blst

1+jw RppisiCppist

The transfer function of the circuit shown in Figure 3-18 is calculated as

Vout _ Zin,Dev
Vin ZB,Blst + Zin,Dev
_ Rin,Dev
RB,Blst
14 R C + RlnDev
JW RppistUp Bist

Ripper(1+jw RppistCppist)
RB,Blst + Rin,Dev(1 +jw RB,BlstCB,Blst)

(1+jw RppistCopist)

B Blst

R. + 1> +Jj® RppistCppise (3-15)

in,Dev

(1+jw RpgpistCppist)

< B,Blst + Rln Dev

> +jw RppistCppist

lTl Dev

m Dev > / (1 +jw RB,BlstCB,Blst) \

+R, RinpenR
BBlst in,Dev (1 +jw (R in,Dev ;Bl“ )CB,Blst>
BBlst+ in,Dev

Vout _ < Rinpev >< (1 +jw RB,BlstCB,Blst) >
R

V; Bpist TR (1+jw (Rin,Devl|RB,Blst)CB,Blst)

mn

in,Dev

From Equation ( 3-15 ), the transfer function contains a zero (z;) and a pole (p:). The zero is given

by
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1
Z, =———— (3-16)
RBBlstCBBlst

And, the pole is given by

1

(Rin,dev | |RBBlst) CBBlst

P1 (3-17)

From Equations ( 3-16 ) and ( 3-17 ), and since Rg,sist > (RB,Bist || Rin.pev) then z; < p1 , causing the
frequency response to be of a high-pass form. Hence, in order to reduce the effect of the bypassed
ballast resistor at the fundamental frequency (wo), the design target is to decrease the pole (p1) by

increasing the capacitor value (Cs,sist), such that p; < wo .

3.6 - Summary

This chapter presented a detailed discussion about the linearity in power amplifiers. Few of the
highlighted issues are: the nature of nonlinearity is categorized as weak and strong nonlinearities;
both the amplitude (4M-4AM) and phase (AM-PM) distortions causes a waveform distortion; the
operation with a reduced conduction angle exhibits a form of nonlinearity. The transistor
characteristics affect the linearity, such as the expansive transconductance of the HBT can be
utilized to reduce the nonlinearity inherited from the operation with a reduced conduction angle.
Also, the elimination of the odd-degree harmonic components at the output of the transistor may
improve linearity.

Investigations of techniques to linearize the relationship between the collector current and the
input voltage of an HBT-based power amplifiers were presented, such as using a series resistor
with the base terminal, while considering the effects of both the bias circuit output impedance and
the input matching network frequency response. Multiple bias circuits were discussed aiming at
obtaining a bias circuit that provides temperature compensation and reduces the bias depression

phenomenon that occurs in HBT power transistors at high output power levels.
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4.,
A Design Methodology for Broadband Matching

Networks

4.1 - Introduction

Matching networks play a dominant role in RF and microwave circuits. Almost all elements of a
wireless communication system (low noise amplifier, mixer, voltage controlled oscillator, and
RF/microwave amplifier) contain matching networks. Typically, matching networks are required
to provide impedance transformation as well as course bandwidth control. If critical filtering
characteristics are required, a dedicated filter is used in the RF system.

The output matching network of a power amplifier has more requirements to satisfy compared
to matching networks of other system elements. In power amplifiers, the output matching network
is required to provide an impedance transformation from 50 Ohms (typical) to a specific load at
the fundamental frequency, at the transistor, to obtain a specified output power. For a multi-band
power amplifier, this requirement is extended to have a broadband impedance transformation. In
high-efficiency power amplifiers, the output matching network is required to present specific
harmonic terminations, at the transistor, which are needed to engineer voltage and current
waveforms in order to achieve high power efficiency.

Additionally, the output matching network is also required to establish filtering characteristics
to reject the generated harmonics within the power amplifier. This requirement mandates that the
frequency response be of a low-pass filter form. A ladder network of series inductances and shunt
capacitances is widely used for that purpose. For higher attenuation at out-of-band frequencies, the
series self-inductance of shunt capacitors, in addition to a small printed inductance are used to
create a notch in the frequency response, modifying the response to be of an elliptic filter form.

Design specifications for matching networks focus on the impedance transformation, out-of-
band attenuation, network loss, and network size. The designer may need to make a trade-off
among two or more of the design specifications. Classical design techniques do not provide the

designer with the needed degrees of freedom to achieve such a trade-off.
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Although, the design of matching networks has been investigated for many decades, the
literature lacks a sufficient discussion of design techniques where lossy components are used. Most
well-known design techniques, such as tables of impedance-transforming networks and Smith
chart design, assume ideal components with no loss. Typical effects of using lossy components in
a matching network that is designed with a no loss assumption are:

e The network frequency response is shifted away from the ideal case. The shift is more

severe for a narrow-band frequency response.

e The network presents a different transformed impedance.

e Power dissipation occurs in the network, degrading the efficiency of the network and

reducing the maximum power delivered to the load.

This chapter presents a new approach to design broadband matching networks where lumped
components with a low quality factor exist. The design technique provides an accurate impedance
transformation at a specified frequency, higher attenuation at out-of-band frequencies and/or
reduction of the number of sections in the network. Also, it offers more degrees of freedom to meet
different design requirements. It provides better characteristics without changing the network
topology, while using the same or fewer components. The technique can be extended to employ
the stagger-tuning to increase the flatness of the in-band frequency response.

The design approach is intended to be a simple and accurate first-hand calculation, at the first
phase of the design, which reduces the simulation and optimization time. Also, it can be
implemented as a computational program. The approach is valid for impedance-transforming
networks that contain more than four components or a cascade of single-section networks. The
technique relies on the design equations of single-section networks (L-network, and T-network).
The approach extends the use of those design equations by including the component loss.

Since the inductor quality factor is much lower than that of a discrete capacitor, the focus is
on the inductor loss rather than both components. All design techniques which are presented in the

chapter are valid to design matching networks for any RF system element.

4.1.1 - Background

One technique of designing a matching network is to use tables of impedance-transforming
networks of low-pass filter form. Such tables are presented by Matthaei [12] for a Chebyshev
response and by Cristal [13] for a maximally-flat (Butterworth) response. Zhu and Chen [52]
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presented formulas as a replacement to the tables. This technique provides a ladder network of
series inductances and shunt capacitances. The attenuation characteristics of these matching
networks are obtained by mapping the attenuation characteristics of typical low-pass filters using
a mapping function. It should be noted that typical low-pass filters have termination resistances of
equal values while matching networks have termination resistances of different values.

Another technique of designing matching networks is based on single-section matching
networks of different topologies (L-network, T-network, and Pi-network). A set of design
equations for each topology is derived by combining the concepts of series/parallel resonance with
series/parallel impedance transformation.'> Almost all design equations available in literature
assume ideal components with no loss. Broadband response can be achieved by cascading multiple
sections. Designing the matching network as a cascade of single-section networks allows applying
a few techniques available in filter theory to improve the network characteristics. For example, the
technique of stagger-tuning can be utilized to increase the flatness of the in-band frequency
response, Sedra and Smith [53].

The Smith chart has been used as a handy tool for designing lumped and distributed matching
networks. Both narrow-band and broadband matching networks can be designed using the Smith
chart following the typical topologies (L-network, T-network, and Pi-network), as presented by
Gonzalez [14]. In power amplifiers, the Smith chart provides an insight of the load that is presented
to the transistor since load-pull contours are usually plotted on the Smith chart.

Techniques of designing broadband matching networks using transformers have been
available for decades, as presented by Clarke and Hess [15] and Krauss, et al. [25]. Although,
using transformers for broadband matching networks provides better results compared to other
techniques, it has a restricted application in industry due to limitations that require designing for
small die and module size. Recently, investigations to implement on-chip transformers as part of
output matching networks were carried out, Hoseok, et al. [16] and Hua, et al. [54].

Power efficiency is a major design goal in power amplifiers. Understanding the matching
network efficiency is important to improve the overall efficiency of the power amplifier. The
problem of transferring maximum power to a resistive load by a matching network that contains
lossy components was discussed by Gilbert [55]. Interesting considerations for the design of high-

efficiency matching networks were presented by Yehui and Perreault [56]. It was shown that the

13- This technique is discussed in details in section 4.2.
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network efficiency is a function of the inductor quality factor (q.) and the transformation variable
(g) that is introduced in the design. Increasing g decreases efficiency, while decreasing gr
decreases efficiency. Assuming a matching network of cascaded L-network sections, there is an
optimum number of sections to achieve maximum efficiency. Those considerations may lead to

the possibility of achieving higher efficiency by decreasing the number of sections while

increasing gz of the inductor of each section.

4.2 - Single-Section Networks

The design equations of a single-section matching network (L-network, T-network, and Pi-
network, shown in Figure 4-1) are available in literature, assuming ideal components with no loss.
Davis [57] has presented one method of deriving those equations by combining the two concepts

of series/parallel resonance with series/parallel impedance transformation.

&—— XSs o Ls XLs —e
XLp X Sp
L-network
o——1 XJSs XLs F—oe . X Ms °
X Mp X Sp XLp
T-network Pi-network 1

Figure 4-1 — The L-network, T-network, and Pi-network.™

Series/parallel resonance occurs in a resonant circuit when the reactive part vanishes leaving
a real resistive part, at a single frequency or a multiple of frequencies. Such a circuit must include
opposite types of reactive components, inductance and capacitance. In a resonant circuit with a

single resonant frequency, the bandwidth is directly related to the circuit quality factor (Q). The

14 _ Subscripts: “L” refers to the load terminal, “S” refers to the source terminal, “M” refers to the middle

component, “s” refers to a component in series, and “p” refers to a component in parallel.
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circuit quality factor is estimated at the resonant frequency using the total inductance or
capacitance in series or in parallel with the resistance. The loaded quality factor (Qr), which
includes the effect of the source impedance, gives a more accurate estimation of the bandwidth of
the resonant circuit.

At asingle frequency, a series configuration of a resistance in series with a reactive component
(Z = Rs + jXs) has an equivalent parallel configuration (Z = Rp || jXP), a resistance in parallel with
a reactive component of the same type, inductance or capacitance, and vice versa, as shown in
Figure 4-2. Simple calculations can prove the concept of series/parallel impedance transformation

by calculating the input impedance of both configurations at the transformation frequency.

— AANN—» »

Rs

Xs Rp Xp

Figure 4-2 — Series and parallel impedance configurations.

Defining a transformation variable (g), for a series configuration,

, =% (4-1)
R
and for a parallel configuration,
R
q =—> (42)
[Xp

It can be seen that the transformation variable (g) is equivalent to the unloaded circuit quality factor
(Q) with a few differences. The Q is calculated at the resonant frequency, using the total inductance
or capacitance in series or in parallel with the corresponding resistance. The ¢ is calculated at the

transformation frequency, using the total reactance in series or in parallel with the resistance. The
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loaded quality factor (Qr) includes the effect of the source impedance while g does not include the
source impedance effect.
Since both series and parallel configurations must be equivalent at the transformation

frequency then

|Xs | R

T = =|X”| (4-3)
P

Writing the impedance of a parallel configuration in the form of (Z = Rs + jXs), leads to
R, =Rs (1+q°%) (4-4)
p =4Xs w (4-5)

q
It should be noted that in all cases

R, >R, (4-6)
|Xp | > |Xs | (4-7)

Also, the transformation from series to parallel equivalent, and vice versa, does not alter the sign
of the reactive component. Therefore, a series inductance transforms to a parallel inductance.
There are multiple realizations for each single-section network (L-network, T-network, and
Pi-network) by selecting each reactive component to be an inductance or a capacitance. The
suitable realization is selected based on whether the network is needed to have a low-pass, high-
pass or band-pass frequency response, and up-transformation or down-transformation. Another
limitation is based on which realization gives realizable component values. Additional constraints,
to limit the bandwidth or to include notches in the frequency response, may replace one element

with a parallel or series reactive circuit that includes additional elements.

4.2.1 - The L-Network

The design equations of a basic L-network can be derived by combining the concepts of impedance
transformation and resonance. Assuming a down-transformation of resistance, that transform from

Rr to Rr such that R, > Rr. Adding a reactive component Xz, in parallel with R;, creating (Xip ||
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R1), causes the equivalent series configuration to have a smaller resistance. Adding Xss, of opposite
type than Xip, in series with (Xz, || Rz) to resonate out the series reactance of the equivalent series
configuration leaves only the smaller resistance at the resonant frequency, shown in Figure 4-3. A
similar method can be applied to achieve an up-transformation of resistance by reversing the L-
network.

The concept of resistance transformation can be extended to a complex impedance
transformation. First, achieving a resistance transformation then modifying the reactive

components at the terminals of the network to transform from one complex impedance to another.

RT
XLpI RL

Figure 4-3 — The down-transformation L-network.

4.2.1.1 - The Design Equations of the L-Network

The basic design equations can be summarized as

q (4-8)
(4-9)

|X55| =Rrq (4-10)
Q =gq (4-11)

where X1, and Xss are calculated at fo which is the transformation frequency and the resonant
frequency at the same time. Assuming conjugate match source impedance, we find Q.= Q /2.

It should be noted that using the design equations gives an exact resistance transformation at
the transformation frequency and a reasonable response around the design frequency. The loaded

quality factor (Qr) can be used to estimate the bandwidth which is valid in a small vicinity around
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the transformation frequency that is assumed to be the center frequency of that bandwidth. The
calculated bandwidth is an approximation due to the assumption of having an equivalent series
resonant circuit, created by Xss and the equivalent series of Xz,. That can be clarified by comparing
the frequency response of a resonant circuit (series or parallel) which is of a band-pass form, with
the response of an L-network which is of a low-pass or high-pass form.

The L-network has only two degrees of freedom. Determining the impedance transformation
and the transformation frequency, forces the bandwidth and Q to a specific value. Another degree
of freedom is needed in order to control the bandwidth. Adding another reactive component to the

L-network gives another degree of freedom as implemented in the T-network, and Pi-network.

4.2.2 - The T-Network '

Multiple realizations of the T-network can be implemented by selecting each reactive component
to be an inductance or capacitance. The analysis in this section is presented for the realization
where the shunt component is an opposite type relative to the two series components. For example,
the LCL T-network which has a low-pass frequency response that is needed for the output
matching network of a power amplifier, shown in Figure 4-4.

X Ss X Ls
— (1YY Y YY) o

o
%> K
I

Figure 4-4 — The LCL T-network.

Same techniques of impedance transformation and resonance can be applied to derive the
design equations of the T-network. The derivation starts by transforming the series to parallel
configuration, then transforming the resultant parallel combination from parallel to series again.
The isolated reactive component, which is the single inductance or capacitance in the network,
determines the approximate bandwidth and the circuit quality factor (Q). By including the effect

of the source impedance (Zs), the O can be derived by calculating the total resistance in parallel

15~ The design equations of the Pi-network are presented in appendix A4.3.
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with Xup, which is the equivalent parallel of R. in parallel with the equivalent parallel of Rs. The
isolated reactive component is calculated as the reactive component that is needed to resonate-out

the equivalent parallel configurations of both Xss and Xis.

4.2.2.1 - The Design Equations of the LCL T-Network '

The main design equations for the T-network are summarized as

Rr (g3 +1) =R, (g7 +1) (4-12)
|Xss| = qr Ry (4-13)
Xis| =a. R, (4-14)
1 qr+q
Xy,|  Rr(@+1D) (413)
0 = ar +RQL (1)
1 +ﬁ

The last equation is only valid for the realization where X is the isolated reactive component, in
the case of the LCL T-network. If Q includes the effect of the source resistance, then it represents
the loaded quality factor (Qr).

It should be noted that the T-network is more suitable to small termination resistances due to
the internal up-transformation that occurs within the network. Using the design equations of the
T-network determines three characteristics: impedance transformation, transformation frequency,
and bandwidth. Compared to the equations of the L-network, the equations of the T-network
liberate the impedance transformation ratio from Q. As a result, the design equations of the T-

network provide more degrees of freedom to implement the design.

4.3 - Broadband Networks

The output matching network of a handset power amplifier is required to transform the impedance

from 50 Ohms to few Ohms. A single-section matching network may provide the needed

16 _ Derivation of the design equations of the T-network, in the general case, is presented in appendix A4.2.
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transformation with a narrow-band frequency response, but inadequate filtering at the harmonic
frequencies. In order to obtain a broadband response and increase the attenuation at out-of-band
frequencies, multiple single-section networks are cascaded. To reject the generated harmonics, the
network response is required to be of a low-pass form. Therefore, the matching network topology
takes the form of a ladder network of series inductances and shunt capacitances, as shown in Figure
4-5. One difference, compared to the typical ladder network, is the additional up-transformation
L-network section (S4). It is used in power amplifiers to provide a specific harmonic termination
which depends on the operating class of the power amplifier (class-AB, -E, -F, -J ...). Additional
rejection to the generated harmonics can be achieved by employing the self-inductance of shunt
capacitors while adding a small inductance in series, creating a series resonance and transferring

the response to be of an elliptic filter form.

Figure 4-5 — A typical output matching network of a power amplifier.

One typical design approach is to think in terms of a cascade of single-section L-networks.
The network can be divided into three down-transformation L-networks (S1, S2 and S3) followed
by one up-transformation L-network (S4). The shunt capacitor of the last section (S4) is usually
implemented on the die, as close as possible to the collector of the power transistor. The shunt
capacitor value is critical to the power amplifier performance in terms of power efficiency and
linearity. Since it is implemented on the die, the capacitor value has a maximum size limitation.
The series inductance of S4 is due to the bond-wire, or bump pillar in a flip-chip process, that is in
series with a printed inductance on the laminate. Given the required value of the transformed
impedance (Zr), the shunt capacitor value of S4, and the inductance of the bond-wire or bump

pillar, Zr; can be determined. Once Rr3 is determined, it is a direct process to use the design
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equations of the L-network, or use the Smith chart, to design each section of the three down-
transformation sections (S1, S2 and S3). By choosing suitable impedance transformation ratios,
and limiting each transformation variable (g) to be below 2.5, reasonable wideband performance

can be achieved, and realizable component values can be obtained.

4.3.1 - Challenges of the Typical Design Approach

The design equations of the L-network depend only on the resistance transformation ratio at the
transformation frequency. They do not provide any bandwidth control. Hence, the rejection of out-
of-band frequencies is not controlled.

The equations assume ideal reactive components with no loss. Using lossy components to
implement a network that is designed with a no-loss assumption causes a change in the transformed
impedance, a shift in the frequency response, and a power dissipation in the network, reducing the
power efficiency of the network and the overall power amplifier efficiency.

Typically, each section is designed at the same transformation frequency. Minimum insertion
loss of each section occurs at the transformation frequency. By cascading multiple sections with
high Q, the difference between the insertion loss at the transformation frequency and the insertion
loss at band-edges is expected to increase. It should be noted that the transformation frequency is
approximated as the center frequency of the frequency band of interest.

Adding a small inductance in series with the shunt capacitor of each section increases the
rejection at harmonics. But, it significantly shifts the frequency response, and alters the

transformed impedance, mandating the application of a compensation technique.

4.3.2 - Design Example
This design example demonstrates the challenges of the typical design approach discussed in last
section. Since the last section (S4) is usually limited by other considerations, such as the maximum
on-chip capacitor value, and the required harmonic terminations based on the operating class of
the power amplifier, the design methodology is focused on designing the off-chip cascade of down-
transformation L-networks (S1, S2, and S3).

The output matching network of a power-amplifier module for a handset may need to provide
an impedance transformation from 50 Ohms to 1.8 Ohms (before S4) within the frequency band
(824 MHz — 915 MHz). Using the design equations at the transformation/center frequency (fo =

870 MHz) and assuming inductor quality factor gz = 30. In order to obtain realizable component

79



values, it is recommended to design each section such that g; = 1, g2~ 1to 1.5and g3 = 1.5t0 2.5.

Component values obtained assuming no loss in the design equations are shown in Table 4-1.

Figure 4-6 shows the symbolic L-network section that corresponds to the table.

S‘zgtril;)n an Rpp Riyn Lgsn Crpn Lipn fr1pn
(D) () (mH) | (pF) | (nH) | (GHz)
S3 2.13 1.8 10 0.70 39.05 0.21 2f,
S2 1 10 20 1.83 9.15 0.41 3f,
S1 1.2 20 50 4.48 4.48 0.30 5f,

Table 4-1 — The component values of the typical design process without loss.

Figure 4-6 — The L-network with series inductor in the shunt branch.

The matching network has been simulated for three different cases:

Case 1 (LLL 3S Ideal): Simulating the network using ideal components with no inductor
loss and without adding the series inductors (Lzpx) in the shunt branches to create the
notches in the frequency response.

Case 2 (LLL 3S gL): Simulating the network while applying the inductor loss (gL = 30)
but without adding the series inductors in the shunt branches.

Case 3 (LLL 3S gL 0s): Simulating the network while applying the inductor loss (gz =
30) and adding the series inductors in the shunt branches to achieve higher attenuation at

out-of-band frequencies, but without compensating for it.

Simulation results presented in Figure 4-7 to Figure 4-9 shows the effects that have been

discussed, such as the frequency response shift, and the alteration of the transformed impedance.
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Figure 4-7 —The attenuation at out-of-band frequencies.
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Figure 4-8 — The shift in frequency response and higher insertion loss.
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Figure 4-9 — The deviation in the real part of the transformed impedance from the targeted value of 1.8
Ohm.

Figure 4-7 shows the increased attenuation at the out-of-band frequencies, in case 3
(LLL_3S gL 0s), due to the addition of the series inductors in the shunt branches. Figure 4-8
shows the shift of the frequency response. The shift is significant in case 3 (LLL 3S gL Os)
compared to the ideal case (LLL 3S Ideal). Also, Figure 4-8 shows the higher insertion loss of
the network when applying the inductor loss in simulation. Figure 4-9 shows the deviation of the
transformed impedance. The deviation in the transformed impedance is more severe in case 3

(LLL_3S gL 0s) compared to the ideal case (LLL 3S Ideal).

4.4 - New Design Methodology

The proposed process to design a matching network is focused on solving the main issues of the
typical design approach. The process is intended to take place at the first phase of the design cycle.
The last section (S4) is usually limited by other considerations, such as the maximum on-chip
capacitor value, and the required harmonic terminations for the operating class of the power
amplifier. Therefore, the design methodology is focused on designing the off-chip cascade of

down-transformation L-networks (S1, S2 and S3). The off-chip cascade of the network, as shown

82



in Figure 4-5, can be visualized differently, as shown in Figure 4-10. The network is designed as
a cascade of three T-networks (S1, S2 and S3). This approach is intended to maintain the same
topology as in Figure 4-5, by considering every two inductors in series as a single inductor. Also,

it utilizes the DC blocking capacitor to be part of the matching network.

SRE

Figure 4-10 — The proposed technique to design the matching network.

The main specifications for output matching networks of power amplifiers are accurate
impedance transformation, harmonic attenuation, and power loss. For handset power amplifier
modules, a compact size is another requirement. The methodology aims at providing the designer
with more degrees of freedom to meet the design specifications by choosing the appropriate trade-
offs. Hence, the T-network has been adopted in the design process instead of the L-network since
it provides more degrees of freedom. The main drive of the design technique is to obtain an
accurate impedance transformation at the specified transformation frequency, while including the
component loss. The out-of-band attenuation is managed by controlling the quality factor (Q) of
the T-network. The design methodology can be extended to applying the stagger-tuning technique
by designing each section of the network at a different transformation frequency to reduce the

insertion loss variation across the required bandwidth.
4.4.1 - Features of the Proposed Design Approach

4.4.1.1 - Controlling the Harmonic Rejection
Using the design equations of the T-network provides a bandwidth control, in addition to the

impedance transformation. Targeting the same impedance transformation, each section can be
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designed for a higher Q to increase the attenuation at harmonics. A comparison between the
frequency response of one L-network and one T-network is shown in Figure 4-11. Each network
transforms the impedance from Rz = 25 Ohms to Rr = 10 Ohms at fo = 870 MHz. The T-network
is designed for Oz = 1.5 while the L-network provides a loaded quality factor Qr = 1. The result

shows that a small increase in Q may add significant attenuation at the out-of-band frequencies.
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Figure 4-11 — Comparison between the L-network and T-network.

In power amplifiers where voltage and current waveforms are engineered for high efficiency,
the last section (S4) may need to block harmonic current components from passing to other
sections and forcing them to flow in the capacitor to wave-shape the current and voltage
waveforms at the collector. Such a requirement enables replacing three off-chip matching sections
with two sections only, since harmonic current components are lower and less attenuation is
needed by the matching network. The design of a two-section network requires designing each
section at a lower Q in order to maintain a broadband response. In power-amplifier modules for
handsets, small inductor values are required for small module size and lower power loss.
Therefore, each section can be designed at a specified Q that achieves the needed inductor value.
It should be noted that such trade-offs are difficult to achieve using the design equations of the L-

network, or other classical techniques such as those mentioned in section 4.1.1, compared to using
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the design equations of the T-network which enable designing for the impedance transformation

and a specified Q independently.

4.4.1.2 - Accounting for the Component Loss
An investigation on using the design equations of the L-network and T-network has been carried
out to realize the capability of extending their use to include the component loss. For a given load
and source impedance and with the knowledge of an approximate value of the component loss, it
has been found that the equations can be used to perform a single task from the following, but not
both at the same time:

e The impedance can be accurately transformed at a specified frequency.

e The center frequency of the targeted bandwidth can be set to a specified frequency.!’

Therefore, the design equations can be used to design the cascade of sections to provide an
accurate impedance transformation at the center frequency of the targeted band while considering
the component loss.

In a power amplifier design, accurate impedance transformation is required at a specified
frequency. In order to design an L-network to transform from Rz = 50 Ohms to R7 = 25 Ohms,
while compensating for an inductor loss of 2 = 1 Ohm, the design equations are used to transform
from Rz = 50 Ohms to (Rr—rr) = (25 — 1) Ohms. As a result, the total resistance presented to the
source is 25 Ohms.

In other applications, there might be a need to center the frequency response at a specified
frequency for a specified source resistance. Designing an L-network to achieve such a purpose
while providing an approximate impedance transformation from Rz = 50 Ohms to Rr =25 Ohms,
the design equations are used at the specified center frequency to transform from R, = 50 Ohms to

(Rr+ rr) = (25 + 1) Ohms, assuming an inductor loss . = 1 Ohm.

4.4.1.3 - Applying the Stagger-Tuning Technique

Designing each section at a higher Q increases the insertion loss variation across the frequency
band. Applying the stagger-tuning technique, such that each section of the cascade is designed at
a different transformation frequency, reduces the insertion loss variation within the specified band.

Therefore, the stagger-tuning technique can be utilized to compensate for the effects of designing

17 This task is valid assuming the network is presenting a conjugate match impedance to the source. Refer to
appendix A4.1 for details.
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for a higher QO and positioning the frequency response of the entire network around the center
frequency of the band (fo) by designing one section to transform the impedance at fo, another

section at f7 < fo, and the third section at fi > fo.

4.4.1.4 - Compensating for the Elliptic Frequency Response

Using the T-network with a higher Q in the design provides more attenuation at out-of-band
frequencies. That attenuation might be large enough that the design does not need extra zeros in
the transfer function created by adding the inductance in series with the shunt capacitance of each
section. This may be valid only for the fourth and higher harmonics. For the second harmonic, a
small value of inductance in series with at least one of the shunt capacitors is still needed to create
a zero in the transfer function. Creating such a resonance, without any compensation technique,
shifts the frequency response, and alters the transformed impedance. But, simple calculations can
provide an easy fix to the problem in the first phase of the design.

Writing the admittance of a shunt branch of series capacitance (C) and inductance (L) as

v = 1 _ jw C _Jjw €
el o+ 1t 1-w’LCc | _ o (4-17)
jw C w?

The admittance can be visualized as an effective capacitance (Cey)

Copr =7 (4-18)

ﬁ (4-19)

where wr is the resonant frequency of the branch.

Typically w- is chosen to be at the second or higher harmonics, therefore the frequency band
of interest is at (w < wr) where Cey 1s positive, Yic is capacitive, and Cey > C. Adding a small
inductance in series with the shunt capacitor has the effect of increasing the effective capacitance
of the branch that is seen at the band of interest. Which causes the shift of the frequency response

and the change of the transformed impedance. The simple compensation technique can be applied
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to the network to eliminate those effects by using a smaller value of capacitance to maintain the
original characteristics of the matching network. Given the transformation frequency (f) of the
matching network, the needed capacitance value (Cep) in the network and the available discrete
capacitance value (C), L can be calculated by calculating w- from equation ( 4-18 ).

Taking advantage of the fact that adding a small inductor in series with a shunt capacitor
increases its effective capacitance, section S3 is the best choice to add the series inductance. This
choice results from the design equations of section S3 are yielding a high capacitor value causing
the design to be sensitive to the capacitor tolerance. Adding the inductance increases the effective

capacitance, which translates to a smaller capacitance value, and a smaller tolerance value.

4.4.2 - The Design Process Guidelines
The design technique requires the knowledge of the inductor loss. Therefore, it has to be an
iterative process where the inductor values and their loss are estimated initially. It is assumed that
the shunt capacitor value of section S4 and the series inductance representing the bond-wire or
bump pillar are pre-determined. For a required value of R« that represents the transistor load, the
real part of Zr3 (Rr3) is determined from S4. The following are the guidelines of the design process:
A. Determine the initial transformed impedances and establish a reference for out-of-band
attenuation: '8
e Select Rr7 and R using the L-network design equations or the Smith chart approach
to estimate the transformation requirements at the center frequency (fo). Limiting the
transformation variables to g; = 1, g2~ 1to 1.5 and g3 = 1.5 to 2.5 provides a reasonable
component values. Also, the loaded quality factor (Or = ¢» / 2) gives an indication of
the out-of-band attenuation and provides a reference if a higher or lower attenuation is
needed.
B. Initial iteration of the solution for the new methodology (TTT network cascade):"’
e Based on the required specifications, one of the following two approaches can be taken:
= Higher out-of-band attenuation than what can be achieved by the L-network
approach: Use a T-network design. Using the T-network equations, design a three-

section network with one or more of the T-network sections to have On > gn / 2,

18 _ The “g,” refers to the transformation variable of the L-network section.
19~ The “Q,” refers to the loaded quality factor of the T-network section.
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where On is a design variable that is determined by the designer to achieve the
needed attenuation.

Smaller network size or a lower network loss approach: Use the T-network design
equations, design a two-section network with one or more of the T-network sections
to have On > gn / 2, after performing step A for a two-section network, to achieve a

broadband frequency response.

Design each section of the network at fo using the design equations to transform among

Rr1, R2 and Rr3 (obtained from the g») without considering the inductor loss and using

the O of the previous step.

From the inductor values, estimate the loss of each inductor and use as initial values in

a second iteration.

C. Second iteration of the solution for the new methodology (TTT network cascade):

For designing a network with low Qx:

Redesign each section to transform among pre-determined impedances from step-
A, while considering the inductor loss in the transformation at fo, as discussed in
section 4.4.1.2.

Add the series resonance of the shunt branches that is needed to reject the

harmonics and compensate for it in the design, as discussed in section 4.4.1.4.

For designing a network with higher O, the stagger-tuning technique should be

applied:

Redesign each section to transform among pre-determined impedances, while
considering the inductor loss at a different transformation frequency. The exact
transformed impedance must be calculated for the preceding sections.

Add the series resonance of the shunt branches that is needed to reject the

harmonics and compensate for it in the design, as discussed in section 4.4.1.4.

4.4.3 - The Stagger-Tuning Considerations

Applying the stagger-tuning technique, where each section is designed at a different transformation
frequency, mandates calculating the exact impedance presented by the preceding sections at the
transformation frequency. Analyzing the down-transformation L-network and T-network shows if

one section is designed at a transformation frequency (fo), the reactive part presented by the section
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to the succeeding section is inductive at frequencies above the transformation frequency (f'> fo),

and capacitive at frequencies below the transformation frequency (f'< f0), as shown in Figure 4-12.

imag(L_Net_ZT) -
imag(T_Net_ZT) e

Im{Z_T} (Ohm)

0.0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0
freq, GHz

Figure 4-12 — The imaginary part of the transformed impedance of the down-transformation L-network

and T-network.

Taking advantage of such a characteristic when employing the stagger-tuning technique, it is
recommended to design section S1 at (fo: < f0), section S2 at (fo: = fo) and section S3 at (fo3 > /o),
such that section S1 presents an inductive component to section S2 at fo.. Compensating for that
inductive component requires reducing the inductor value in section S2. Also, the cascade of
sections S1 and S2 presents an inductive component to section S3 at fo3. Compensating for that
inductive part needs decreasing the inductor value in section S3. But, since section S3 is designed
at (fo3 > fo), it presents a capacitive component to section S4 at fo. Compensating for that capacitive
component demands increasing the inductor value in section S4. Such design strategy aids in
reducing the inductor values of sections S1 and S2, where the design equations yield large values.
As a result, each inductor takes smaller footprint on the laminate and increases the inductor quality
factor. For sections S3 and S4, the inductor value is relatively small, so it is recommended to
increase it to be accurately implemented on the laminate and avoid process variation issues.

Another characteristic of the down-transformation L-network and T-network that should be

considered in the stagger-tuning design is the real part of the impedance presented by each network
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decreases as frequency increases, as shown in Figure 4-13. If the network is designed at frequency
fo to present a real part Ry, then it is known that at /> fo, R < Rrand at ' < fo, R > Rr. This fact is
valuable when designing each section at a different frequency and it is required to maintain

realizable values for each section.

real(L_Net_ZT) _—
real(T_Net_ZT) e

Re{Z_T} (Ohm)
T

freq, GHz

Figure 4-13 — The real part of the transformed impedance of the down-transformation L-network and T-

network.

4.4.4 - Design Example and Comparison
The design example in this section is following the design example of section 4.3. It focuses on
designing the off-chip cascade of sections (S1, S2 and S3). Assuming the matching network
cascade is required to provide an impedance transformation from 50 Ohms to 1.8 Ohms (before
S4) in the frequency band (824 MHz — 915 MHz), the design equations are used at the
transformation/center frequency (fo = 870 MHz), assuming an inductor quality factor gz = 30.
Two different implementations of the new design methodology are compared with the typical
design approach. In all cases, the inductor loss is applied and series inductors are added to the
shunt capacitors of the network to create one or more notches at the out-of-band frequencies. The
stagger-tuning technique is not utilized in the designs, though the simulation results suggest one

might obtain improved in-band flatness for the higher O example as discussed in section 4.4.1.3.
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It should be noted that the goal of the comparison is to present the capabilities and show the

available degrees of freedom of the new design methodology compared to the typical design

approach. The three different designs are,

Design “LLL 3S Typ” represents the typical design approach as mentioned in section 4.3.
The design includes the compensation for adding the series inductors to the shunt
capacitors to achieve an elliptic response. Table 4-2 shows the component values of the
design. Figure 4-14 shows the symbolic L-network section that corresponds to the table.
Design “TTT 3S” represents one implementation of the new design methodology which
aims at achieving a higher out-of-band rejection and a broadband response. The matching
network is designed as a cascade of three T-networks. Table 4-3 shows the component
values of the design. Figure 4-15 shows the symbolic T-network section that corresponds
to the table. The table shows that the design of section S3 targets a higher O than what
might be needed in a real design. It was elected to take such an approach to demonstrate
the capabilities of the proposed technique.

Design “TT_2S” represents another implementation of the new design methodology which
aims at achieving a smaller size of the matching network and a low power loss while
maintaining a broadband response. The network is designed as a cascade of two T-
networks. Table 4-4 shows the component values of the design. Figure 4-15 shows the
symbolic T-network section that corresponds to the table. The table shows that the design
of each section targets a lower Q than what might be needed. That approach is taken to

demonstrate the capabilities and degrees of freedom of the proposed methodology.

Figure 4-14 — The L-network with series inductor in the shunt branch.
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Segtion qn Ry, Rin Lgsn Crpn Lipn fi r,.Lpn
(Sn) @ | @ | ) | @F) | () | (GHz)
S3 2.13 1.8 10 0.70 29.29 0.29 2f,
S2 1 10 20 1.83 8.13 0.46 3fo
S1 1.2 20 50 4.48 4.3 0.31 5fo
Table 4-2 — The component values of design LLL _3S_Typ.

L _Ss L Ls
— YYN ~Y N

C Mp l
L Mp %

Figure 4-15 — The LCL T-network with series inductor in the shunt branch.

Section | (, Ry Ry Lgsn Cyvpn Lign Cron Lypn | frmpn
(Sn) Q) Q) | (mH) | (F) | mH) | (®F) | (nH) | (GHz)
S3 2.2 1.6 10.36 1 29.71 1.86 - 0.28 2f,
S2 1.2 9.48 20.56 2.77 11.57 3.01 - 0.32 31,
S1 1.2 18.4 50 8.08 1.67 - 3 0.8 5f5

Table 4-3 — The component values of design TTT_3S.

Section Qn Rpy Rin Lgsn Crvpn Lisn Crsn Lypn | frmpn
(Sn) Q) Q) | mH) | (@F) | mH) | (PF) | (nH) | (GHz)
S2 1.12 1.67 10.02 0.68 30.67 0.01 - 0.27 2f,
S1 1.2 9.2 50 4.04 5.26 - 7.4 0.4 4f,

Table 4-4 — The component values of design TT_2S.

It should be noted that an accuracy of two decimal digits is maintained during the design

process. The capacitor values can be adjusted to reflect the discrete component values. In such

case, the values of inductors, which are in series with the shunt capacitors, are required to be
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adjusted accordingly. But, the printed spiral inductors can be designed and simulated for the same
accuracy using available electromagnetic CAD tools. For high inductor value, a discrete inductor

can be used in series with a printed inductor to achieve the needed value.

4.4.4.1 - Simulation Results

The simulation results of the three designs, including one implementation of the typical approach
and the two implementations of the new technique, are presented in Figure 4-16 through Figure
4-19. The goal of comparing the results is to show the effectiveness of the new methodology to
meet different specifications by demonstrating the degrees of freedom and the capabilities that are
incorporated in the methodology. Design specifications of matching networks may include the
impedance transformation, out-of-band attenuation, network loss, and network size.

Figure 4-16 shows the real part of the transformed impedance of each design. The transformed
impedance of the typical design approach (LLL 3S Typ) is slightly different than the targeted
value, though the effect of the series inductors in the shunt branches have been compensated for
in the design. The deviation of the transformed impedance is expected since the typical design
does not account for the inductor quality factor. Even though the new design methodology was
utilized for two different designs (TTT 3S and TT 2S), the transformed impedance equals the
targeted value in each design.

Figure 4-17 shows §21 for the required frequency band. A shift in the frequency response
occurs when using the typical design technique (LLL 3S Typ). Both designs which are
implemented using the new methodology (TTT 3S and TT 2S) are centered at the required center
frequency (fo = 870 MHz). One observation is the insertion loss of design “TTT_3S” is higher than
design “TT 2S” due to the large inductor values which are reflected as a high series resistance.
Although design “TTT_3S” contains three T-network sections, it exhibits a narrower bandwidth
compared to design “TT 2S” which contains two T-network sections. Such observation
demonstrates the capability of the new design methodology, since design “TTT 3S” is targeting a
higher out-of-band attenuation by designing the T-network with a higher O which is echoed as a
narrower bandwidth. While design “TT 2S” is targeting a smaller network size and a low power

loss while achieving a broadband response by designing the T-network with a lower Q.

93



Re{Z_T} (Ohm)

S21 (dB)

real(TTT_3S_ZT)
real(TT_2S_ZT) --

real(LLL_3S_Typ_ZT) ———

1.5 L
820 830

840 80 860 870 880 890 900 910

freq, MHz

Figure 4-16 — The real part of the transformed impedance.
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Figure 4-17 — The frequency response.
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Figure 4-18 shows the rejection of out-of-band frequencies for each design. The typical design
technique (LLL 3S Typ), where no control of the out-of-band frequencies exist, is considered as
the reference for comparison. Design “TTT 3S” achieves a higher rejection which is targeted by
designing the T-network with a higher Q. Design “TT_2S” achieves a lower rejection which is
targeted by designing the T-network with a lower Q. The results display the potential capability of

the new methodology, where the attenuation of out-of-band frequencies is controlled.

dB(LLL_3S_Typ_S21) ———
d B(TTT_3S_821 ) ................
dB(TT_2S_S21) --------

S21 (dB)

-100—

'120|||||||||||||||||||||||||||||
0 1 2 3 4 5 6

freq, GHz

Figure 4-18 — The harmonics attenuation.

Figure 4-19 shows the power loss of each design. The typical design technique (LLL 3S Typ)
is taken as the reference for comparison. Design “TTT 3S” has a higher loss which is expected
since the T-network sections are designed with a higher O, which is reflected as a larger inductor
values with a higher loss. Design “TT_2S” has almost the same loss, while using only two sections
instead of three, by designing the T-network with a lower O, which is echoed as a lower inductor
value and a lower loss. The results show another potential capability of the new methodology

where the network loss and size are controlled.
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Figure 4-19 — The power loss within the network.

4.4.5 - Discussion

4.4.5.1 - Different Approach

Although the presented design methodology focuses on the output matching network of a power
amplifier, it can be used to design any matching network topology with multiple sections. All other
types of matching network sections (L-network, T-network, and Pi-network) can be employed in
the design methodology, after characterizing each type and understanding how it can be utilized
to help the entire network performance.

The typical network topology, shown in Figure 4-5, can be analyzed as a cascade of CCL T-
network, CLC Pi-network, and another up-transformation L-network, as shown in Figure 4-20. It
was found, that such configuration yields un-realizable values for reactive components. As, the Pi-
network internally transforms the impedance down and then transforms back up. But, since the
load and transformed impedances in a power-amplifier module are in the range of few ohms, the
internal down-transformation would yield impedances in milli-ohms. Another reason to avoid such
a configuration is the difficulty of engaging the reactive part presented by one section into the

succeeding section, when designing each section at a different transformation frequency.
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Figure 4-20 — A different configuration to analyze the matching network.

4.4.5.2 - Stagger-tuning Generalization

Applying the stagger-tuning technique can be generalized to be used among different matching
networks in the design. In a power amplifier of two stages of amplification, the input matching
network can be designed for a transformation frequency, the inter-stage matching network can be
designed for a second frequency, then the output matching network can be designed for a third
frequency. Such an approach is expected to increase the flatness across the overall in-band

frequency response of the entire amplifier.

4.5 - Summary

This chapter presents a new design methodology for broadband matching networks. The new
design technique aims at providing the designer with more degrees of freedom to meet the design
specifications of broadband matching networks, such as the impedance transformation, out-of-
band attenuation, network loss, and network size. However, the classical design techniques, such
as the tables of impedance-transforming networks, the Smith chart design, and a cascade of L-
networks, do not provide the designer with the needed degrees of freedom.

The new design approach provides an accurate impedance transformation at a specified
frequency, and the capability of controlling the attenuation at out-of-band frequencies and/or
reducing of the number of sections in the network. While the technique relies on the design
equations of single-section networks (L-network, and T-network), it extends the use of those
design equations by including the component loss. The technique can be expanded to employ the

stagger-tuning to increase the in-band flatness of the frequency response and increase the
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bandwidth, though this step was not pursued. The methodology also provides a simple method to
compensate for adding series inductors in the shunt branches to provide harmonic notches in the
frequency response and transforming it to an elliptic response.

The new methodology focuses on designing the typical ladder network of series inductors and
shunt capacitors as a cascade of T-networks, rather than a cascade of L-networks, to take advantage
of the more degrees of freedom offered by the design equations of the T-network. Therefore, the
new methodology provides better characteristics without changing the basic network topology,
while using the same or fewer components. The new approach is valid for impedance-transforming
networks that contain more than four components or a cascade of single-section networks. The
design approach is intended to be a simple and accurate first-hand calculation at the first phase of

the design, reducing the simulation and optimization time.
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Appendix

A4.1 - Assumptions

A4.1.1 - Conjugate Match

Typically, in power amplifiers, the output impedance of the transistor is different than the
conjugate of the impedance presented by the matching network. The analysis presented in this
chapter assumes that the design of the matching network is targeting a conjugate match. This
assumption has been adopted to simplify the design equations. Specially, it has a minimal effect
on the final results of the design. That is due to the fact that the presented technique starts by
designing a network of low-pass filter form with low quality factor and wide bandwidth, then
adjust it to be of an elliptic filter form. Therefore, the bandwidth is narrower and is determined by
the zeros of the transfer function of the network. Hence, the analysis is valid in both cases of
designing for conjugate match or the output matching network of a power amplifier. It should be
noted that varying the quality factor (Q) of each section is intended to control the rejection of the

out-of-band frequencies rather than to control the bandwidth.

A4.1.2 - Cascade of Sections

The design of the entire matching network is considered as a cascade of matching sections. Each
section is designed separately. Such approach enables simplifying the design process and adds
more degrees of freedom, for example, designing each section at a different center frequency,
while maintaining the integrity of the design. The main characteristic that is used to evaluate the
frequency response of each section is |S2:|. For a conjugate match design, |S2:|? = Gr, where Gris
the transducer power gain, Gonzalez [14]. For a cascade of networks Grver = Gr1 Gr2 Gr3, which

justifies the idea of designing the entire network as a cascade of sections.

A4.1.3 - Approximate Model

The adopted design equations are based on the equivalent circuit model of the exact circuit around
the transformation frequency. This approximation is valid as long as the analysis is restricted to
the vicinity around the transformation frequency. In case of applying the stagger-tuning technique,
where each section is designed at a different transformation frequency, an exact analysis is required

to calculate the impedance presented by the preceding cascade of sections.
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A4.2 - Derivation of the T-Network Design Equations
This section presents the derivation of the T-network design equations, in details, following the
derivation presented by Davis [57].

There are six possible realizations of the T-network, shown in Figure 4-21. If the isolated
component is Xzs or Xss, the smaller termination resistance must be in series with the isolated
component. Assuming a lossless network, this limitation is due to the fact that the other two

components creates a voltage divider, while the power is the same at every node in the network.

o—— XSs XLs

ZT
S §> X_Mp RL

Figure 4-21 — The T-network.

The shunt reactive component can be calculated as the reactive component needed to resonate-

out the equivalent parallel of both Xss and Xis,

1 1 1
— = —+— (4-20)
]XMp i]XSsp i]XLsp

where, Xsyp is the equivalent parallel of Xss and Xisp is the equivalent parallel of Xs.
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B 1 1
B (g7 + 1) (qi +1)
+XSS T - 2 +XLS qL 2
qr q
(4-21)
1 1
STl @t L, @D
+R I +R; L
qr qL
_ ( dr q )
=[— +—
FR; (¢ +1) FR, (¢ +1)
where
|X55| =qr Ry (4-22)
|XLS| =4q. R, (4-23)
Using
Ry (q5+1) =R, (qf +1) (4-24)
Then,
1 _ ((ifh ) + (ifh )> (4-25)
XMp RL (QE + 1)

It should be noted that the equation carries the sign of the reactive components. If Xs; is inductive,
the negative sign of gr is used. If Xis is inductive, the negative sign of gv. is used. But, the positive
sign for of gr and gv is used, if Xss and Xis is capacitive.

In case of a general series/parallel impedance transformation with a high transformation

variable (g)
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X | =% | =|x | (426)

X |” =R, Ry (4-27)
For the T-network,
41
R, =R, Eq;—) (4-28)
qr + 1)
Using the high ¢ approximation, equation ( 4-27 ),
X5
Ry ~ —o (4-29)
Ry
where, R7p is the equivalent parallel of Ry,
ool Xl
Ls Ls
Rry =Ry (qf +1) ~ Ry qf =Ry x—p—=— (4-30)
L L
e
Ry ~ R, —— (4-31)
|XLs|

Same technique can be used to calculate the transformed resistance of Rs (Rs:) seen looking

into the load port. Assuming a conjugate match at the source Rs = Rr,?°

(g + 1)
Rgt = Ry ——= (4-32)
U (gE+ 1)
sl sl
L L
Rep ~—— = —— (4-33)
Rsp Rs (g7 + 1)
where, Rsp is the equivalent parallel of Rs,
[¥ss
Ss
Rsp =Rs (g7 +1) = (4-34)

S

20 _ Refer to appendix A4.1 for discussion about the utilized assumptions.
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2
X
Ry, ~ Rg % (4-35)

A simple method to estimate the bandwidth of the T-network depends on the isolated reactive
component. The loaded quality factor of the circuit is used for accurate estimation of the
bandwidth, therefore the effect of the source resistance is included in the derivations.

There are three cases:

Case 1: the isolated component is Xs,

0 = |X55| _ qr
Rs + R, 1+R_s (4-36)
Ry

0 = |XLS| _ q
R, +Ry | Rs (4-37)
Ry

Assuming a conjugate match at the source, Rs = Rr,

(g7 +1)
Rg = Rg —Z (4-38)
(g +1)
KTl
L L
Ry ~ —— = 25 (4-39)
Ry, R (¢2+1)
[Xss|”
Ss
Rsp = Rs (qf +1) = Rs qf = Rs »— (4-40)
T
RE X0
Ls
R R (4-41)
S |XSS|

Case 3: the isolated component is X,
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_ RigplIRgy _ar +4q.

4-42
|XMp| 1+ R ( )
RT
where, RLsp 1s the equivalent parallel of Rzs. Using
Risp =Ry (g +1) (4-43)
X5

: Ss (4-44)

P Rq

R Ry R
SR+ =Ry (4-45)
|XSS| | Ssl T

A4.3 - The Design Equations of the Pi-Network
This section presents the design equations of the Pi-network, as presented by [Davis [57]].
Figure 4-22 shows the Pi-network topology. Applying same techniques as in the T-network,

the following design equations can be obtained.

[ X Ms ]

ZT
X.Sp XLp| RL

Figure 4-22 — The Pi-Network.

ZRT = ZRL (4-46)
(g7 +1) (g +1)
Ry
Xsp =— (4-47)
qr
R,
XLp =— (4-48)
qy
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R, ((iqT) + (iCIL )) (4-49)
(q; + 1)

Xys =

A simple method to estimate the bandwidth of the Pi-network depends on the isolated reactive
component. The loaded quality factor of the circuit is used for accurate estimation of the
bandwidth, therefore the effect of the source resistance is included in the derivations.

There are three cases:

Case 1: the isolated component is Xsp,

R, (4-50)

Case 2: the isolated component is X,

qL
Q =
4-51
1421 (=0
R
Case 3: the isolated component is X,
0 = qr tq.
4-52
1480 ( )
Rg

It should be noted that, the Pi-network is more suitable to large termination resistance due to

the internal down-transformation that occurs within the network.
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5.
The Design of a Linear Power Amplifier with High
Efficiency

5.1 - Introduction

The fast growing market of cellular handsets, with a high demand for better performance and
higher data rates, has led to the coexistence of multiple standards (2G/2.5G/3G/4G). Each standard
utilizes a different modulation scheme with different linearity requirements. For example, the 2G
standard uses Gaussian Minimum Shift Keying (GMSK) modulation that generates a constant
envelope signal, not requiring a linear amplitude amplification. The 4G standard utilizes
Quadrature Amplitude Modulation (Q4M) which mandates a high degree of linear amplification.
As a result, handset manufacturers are targeting the design of a single handset that covers the latest
standards (3G/4G) with a backward compatibility to the earlier standards (2G/2.5G).

Different power amplifier module architectures have been proposed to achieve such a
coverage of multiple standards, Cheng and Young [1]. One module architecture, known as a
“hybrid power amplifier”, is to design a single module that contains multiple power amplifiers.
The architecture includes two power amplifiers for the 2G/2.5G modes?! where one covers the low
band and the other covers the mid band. At least, three more linear power amplifiers are needed
for the 3G/4G modes, where each amplifier covers a part or the full bandwidth of one of the major
bands. Another architecture, known as a “converged power amplifier”, is a single module that
contains multiple power amplifiers where each power amplifier covers one of the major frequency
bands while operating in different modes (2G/2.5G/3G/4G). Such an architecture eliminates at
least two power amplifiers with the associate matching networks, typically the power amplifiers
that operate in the 2G/2.5G modes are those to be eliminated.

The optimum design of a converged power amplifier architecture is required to exhibit three
characteristics: high linearity, high efficiency, and broadband frequency response. Chapter 2

through Chapter 4 have presented analysis and discussions about multiple techniques to obtain

2l _ The terms “standard” and “mode” are used throughout the dissertation referring to the cellular standard
2G/GSM, 2.5G/EDGE, 3G/W-CDMA, and 4G/LTE.
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each of these characteristics separately. The investigations presented throughout those chapters
showed that applying one technique to improve one of the characteristics may not satisfy the
others. For example, one technique to obtain high power efficiency is class-E, where the transistor
operates as a switch. A switching operation provides no linear relationship between the amplitudes
of the input and output signals.

A linear power amplifier with high efficiency represents a solution to the “converged power
amplifier” architecture. The required output power of the 2G/GSM mode, is higher than the
required output power of the 2.5G/EDGE, 3G/W-CDMA, and 4G/LTE modes where linearity is
required, as shown in Table 5-1. The distribution of the needed output power levels for these modes
is suitable to be covered by a single power amplifier, since the power amplifier would operate at
the saturated output power in the 2G mode and operates at back-off power levels in the

2.5G/3G/4G modes.

Mode 2G/ 2.5G/ 3G/ 4G/
GSM EDGE W-CDMA LTE
DC Supply Voltage 35V
Frequency Band 814 MHz — 915 MHz (Bands: 5, 6, 8, 18, 19, 20, 26)
Maximum Input Power (P, yqy) 10 dBm
Maxi Output P
e S 34 dBm 29 dBm 30 dBm 30 dBm
(Pout,Max)
P Added Effici PAE),
ower Added Efficiency (PAE) 55 % 25 % 35 % 35 %
at Pout,Max
EVM %
b _ 0 0 0
at and below Pyt prax 3% 3% 3%
ACPRI1,
at and below Pyy; yiax - -33 dBc -33 dBc -33 dBc

Table 5-1 — The design targeted specifications.??

This chapter presents the proposed design techniques to implement a linear power amplifier

with high efficiency and broadband frequency response for handsets, utilizing GaAs HBT process

22 _ Due to limitations in the available laboratory tests, the author could not test the 4G/LTE mode.
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technology. To demonstrate the effectiveness of the proposed design process, a power amplifier
module is designed and implemented. The power amplifier design aims at operating in the
2G/GSM mode with high power efficiency, while meeting the needed linearity of the 2.5G/EDGE,
3G/W-CDMA and 4G/LTE modes. The design targeted specifications are given in Table 5-1.

5.2 - The Design Strategy

The design strategy of a single-stage linear power amplifier with high efficiency, utilizing a GaAs

HBT process, is to divide the design into two sections, as shown in Figure 5-1.

V_Reg

V_DC

Bias
Circuit

Output
Matching
RF. in Network
Input
— Matching RL
Network
Input Section Output Section

Figure 5-1 — The output and input sections of a single-stage power amplifier.

The first section is the output section of the power amplifier which contains the output current
source of the power transistor and the output matching network. The second section is the input
section of the amplifier which contains the input impedance of the power transistor, the bias circuit,
and the input matching network. It is important to note that the typical design process starts by
designing the output section, followed by the input section. The process is logical since the
transistor is not a unilateral device, causing the input impedance of the transistor to be a function

of the load impedance presented by the output matching network.
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At the output section, both the high efficiency and broadband frequency response are pursued.
The analysis in Chapter 2 revealed that obtaining a high power efficiency is dominated by the load
impedance presented to the power transistor. Since the unity-gain frequency (f7) of the device is
typically much higher than the third harmonic frequency of operation, the high end of the
frequency response of the power amplifier is dominated by the frequency response of the output
matching network. The design methodology presented in Chapter 4 represents a technique to
obtain the needed broadband matching network. It should be noted that the low end of the
frequency response is determined by the DC blocks, and the input and inter-stage matching
networks topology.

At the input section, the high linearity is pursued. The analysis in Chapter 3 highlighted that
most of the design parameters affecting linear operation exist in the input section of the power
amplifier, such as the series resistor with the base terminal, the input matching network, the
linearization effect of the bias circuit, and the bias circuit output impedance. It is important to note
that those parameters are effective in improving the linear operation, given that the load impedance

presented to the power transistor maintains linear operation.

5.2.1 - High Efficiency Approach

In wireless handsets, typical design techniques to obtain high efficiency of linear power amplifiers
are deep class-AB, and class-F, Daehyun, et al. [6]. As discussed in Section 2.2.2, the proper
operation of deep class-AB requires the output matching network to present a resistive load at the
fundamental frequency and short-circuit terminations to all harmonics. Class-F operation requires
a resistive load at the fundamental frequency, open-circuit termination at the third harmonic and
short-circuit terminations at all other harmonics, when only the third harmonic is utilized.

The investigation in Section 2.2.4 showed that the second harmonic current component needs
a termination that approximates an ideal short circuit for proper operation, otherwise degradation
in output power and efficiency would occur. In a real design of deep class-AB or class-F, the short-
circuit termination of the second harmonic is implemented by creating a second-harmonic trap at
the collector terminal, Oka, et al. [58]. Typically, the harmonic trap is implemented as a shunt
branch of a series capacitor (on the die) and a small inductor (on the laminate) that resonates at the
second harmonic frequency. The rest of the matching network provides a low impedance at the

other harmonics. In broadband designs, two second-harmonic traps are required. Occasionally, due
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to a limitation of the die size, the designer of a deep class-AB handset power amplifier may elect
to implement the short-circuit terminations of the harmonics as a single large shunt capacitor rather
than utilizing a separate second-harmonic trap to avoid the space of a bond-pad or bump pillar.

Based on the frequency of operation, the maximum capacitor value used on the die, and the
bandwidth of the notch created by the second-harmonic trap, the harmonic terminations deviate
from the targeted short-circuit termination, causing the power amplifier performance to degrade in
terms of output power, power efficiency and linearity, as presented in Section 2.2.4. Such a
situation often occurs when the harmonic termination is implemented as a single capacitor rather
than a harmonic trap or when utilizing a single second-harmonic trap in a broadband design.
Therefore, the maximum efficiency of deep class-AB (ideal class-B) is not achieved. In addition,
each second-harmonic trap requires a separate bond pad in bond-wire technology or bump pillar
in flip-chip technology. Such a requirement restricts the desired small die size.

As a conclusion, the major problem that hinders the typical techniques (deep class-AB) from
achieving the maximum efficiency lies in the practical implementation of the harmonic
terminations. In order to overcome such problems, the practical implementation of the utilized
technique to obtain high efficiency should avoid the need for a second-harmonic trap and/or

approximated short-circuit terminations at the second harmonic, as much as possible.

5.2.2 - Linearity Approach
The investigation in Chapter 2 highlighted that both the selected technique of improving the power
efficiency and the corresponding load impedance affect the linearity. For a given technique of
improving the efficiency, increasing the load above the optimum load causes the collector voltage
waveform to swing into the saturation region of the transistor, creating a high level of harmonic
components that mix within the transistor which degrades both the output power and linearity.
Additionally, Chapter 3 presented the sources of nonlinearity and multiple techniques to
improve the linearity. The analysis showed that the reduced conduction angle technique exhibits a
nonlinearity due to the truncated sinusoid of the collector current which is directly related to the
quiescent bias point. Since HBT transistors show an expansive transconductance, using an HBT
transistor as the power transistor may reduce the nonlinearity of the reduced conduction angle.
The analysis in Chapter 3 showed that few considerations related to HBT transistors are

critical to maintain and improve the linearity. HBT transistors show a nonlinear relationship
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between the base current and the input voltage of the amplifier due to the nonlinear input
impedance of the transistor causing a nonlinear relationship between the collector current and the
input voltage. But, a linear relationship is required between the collector current and the input
voltage of the power amplifier. One technique to linearize that relationship is to use a resistor in
series with the base terminal. The discussion of Section 3.2.3 showed that the effectiveness of such
a technique does not rely only on the series resistor but also the bias circuit output impedance as
well as the input matching network frequency response.

Also, at high levels of the input drive signal, HBT transistors suffer from a bias depression
phenomenon which is another source of linearity degradation. Section 3.5.2 showed that utilizing
a bias circuit with a linearization effect that reduces the bias depression improves the linearity.

In Chapter 3, it was presented that one important source of waveform distortion is the phase
distortion (AM-PM). In order to obtain a high level of linearity, both AM-AM and AM-PM should
be considered in the design process. It was found that limiting the large-signal power gain variation
(AM-AM) to be less that 0.5 dB and limiting the phase difference variation between the output and
input signals (AM-PM) to be less than 10 degrees within the varying output power region results
in linear operation that satisfies both EVM and ACPR test specifications.

As a conclusion, for a given technique to improve the power efficiency, the load impedance
should be selected to avoid operating into the nonlinear saturation region of the transistor with a
careful choice of the bias point. Utilizing a GaAs HBT power transistor enables multiple tuning

knobs to further improve linear operation.

5.2.3 - Class-] for High Efficiency and Linearity

The analysis of class-J in Section 2.3.2 presented that the same maximum efficiency of ideal class-
B is obtained without the need for a perfect short-circuit termination at the second harmonic.
Therefore, class-J may achieve higher practical efficiency than deep class-AB. Also, the analysis
showed that the concept of class-J relies on increasing the minima of the collector voltage
waveform away from the edge of saturation voltage (Vck cos). Hence, class-J is suitable for linear
operation since it avoids operating the transistor in the highly nonlinear saturation region.

The analysis of class-J assumed the transistor operates with a linear transconductance between
the collector/drain current and the input voltage of the transistor. That assumption is reasonable

for a field effect transistor (FET), but is not valid between the collector current and the base-emitter
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voltage of a hetero-junction bipolar transistor (HBT). As a result, class-J has been implemented by
others as a linear power amplifier using only a field effect transistor (FET), while no
implementation has been reported using hetero-junction bipolar transistor (HBT). The
investigation of linearity in Chapter 3 highlighted multiple techniques that linearize the
relationship between the collector current and the input voltage of the power amplifier (not the
base-emitter voltage). Since the base-emitter voltage is an internal voltage within the circuit, the
relationship between the collector current and the input voltage is more important for the full
operation of the power amplifier.

The analysis presented by Cripps [11] and discussed in Section 3.2.2.2, showed that a
transistor with a nonlinear transconductance that produces a fundamental and only even-harmonic
current components may achieve better linearity than an ideal transistor with a linear
transconductance. Although class-F is considered suitable for linear operation, the discussed
conceptual analysis hints that a better linearity may be obtained than class-F operation. As class-J
relies on mixing the second harmonic component with the fundamental component, while class-F
relies on mixing the third harmonic component with the fundamental component, class-J may
achieve a better linearity than class-F. It should be noted that class-J has been defined, in the
general theoretical format, by utilizing higher harmonics (second and above), as introduced by
Cripps, et al. [S]. But restricting class-J operation to utilize only the second harmonic component
aims at obtaining a better linearity by avoiding the interaction of the odd-order harmonic
components.

As a conclusion, class-J operation using a hetero-junction bipolar (HBT) transistor represents
a technique that may achieve higher practical power efficiency and higher linearity than deep class-
AB. Such a result is due to the linear operation of class-J while avoiding the practical
implementation problem of deep class-AB, where short-circuit terminations to the harmonics are

needed, especially the second harmonic.

5.2.4 - Advantages of Class-] in Handset Power Amplifiers

Recent updates to the cellular spectrum have incorporated high frequency bands such as Band 43
where the uplink covers the spectrum of 3600 MHz — 3800 MHz, 3GPP [40]. The need for low
cost products directs the handset industry to avoid using active devices of advanced process

technology that exhibit a high unity-gain frequency (fr). Therefore, for a given low-frequency
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process technology of a transistor, class-J is more suitable than class-F to implement a power
amplifier that covers a high frequency band such as Band 43. That suitability is the result of class-
J utilizes the second harmonic component while class-F utilizes the third harmonic component
which may suffer generation limitations.

The recent expansion of the cellular market has required more frequency bands that cover
multiple standards (2G/3G/4G). The spectrum that covers the cellular usage around the globe
(including most common bands) can be divided into 3 major bands: low band (695 MHz — 915
MHz), mid band (1710 MHz — 2025 MHz), and high band (2300 MHz — 2700 MHz). Each major
band is organized into many assigned smaller bands which are used in different regions around the
globe. As many handset manufacturers target the design of a single handset that is capable of
covering most of those assigned bands, a single handset power amplifier is recommended to exhibit
a broadband coverage for the entire bandwidth of one of the major bands. The broadband coverage
mandates utilizing double second-harmonic traps, adding more components to the matching
network, and increasing the die size. That approach represents a limitation of both deep class-AB
and class-F in terms of achieving high performance while covering a broadband frequency
response. But, since class-J operation does not require a second-harmonic trap at the collector
terminal, it can be implemented with a broader bandwidth than other typical techniques (deep
class-AB and class-F) which may cover one of the major bands with fewer components in the
output matching network and a smaller die size.

A typical output matching network of a handset power amplifier is shown in Figure 5-2. The
resistive load needed at the collector for a handset power amplifier is typically in the range of few
Ohms. Utilizing a large shunt capacitor at the collector as a short-circuit termination for the
harmonics, forces the load impedance presented to the on-chip section by the off-chip network to
be lower than the needed load at the collector. That situation adds a difficulty to the off-chip
network design since the component values are function of the impedance transformation ratio.

Such a situation is avoided in class-J design since a large shunt capacitance is not required.
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Figure 5-2 — A typical combined output matching network of a handset power amplifier.

The analysis in Section 2.3.2.2 presented the necessary load for class-J operation, which is

given by

ZLl,] = RLl,j +jRL1,] (5-1)
ZLZ,] = _jXLZ,]

where the second harmonic termination is capacitive and a combination of resistive and inductive
load is presented at the fundamental frequency. The implementation of that load mandates the
output matching network to include a shunt capacitor at the collector terminal, as shown in Figure
5-3. But, in order to present the required fundamental load with the inductive part, the matching
network must present an inductive part at reference plane “A” that is much higher than the case of
just presenting a resistive load, such as in deep class-AB or class-F. That implementation of class-
Jload is found to be useful in attenuating the harmonics delivered to the load. The higher inductive
component presented at reference plane “A” acts as an RF choke for the harmonics, attenuating
the harmonics passing to the output matching network. As a result, the needed attenuation for the
harmonics by the matching network is reduced, and the network size can be reduced as well by

designing a two-section network rather than a three-section network.
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Figure 5-3 — Class-J output matching network requirements.

GaAs HBT process technology is the dominant technology for handset power amplifiers.
GaAs HBT features a high current density, compared to Silicon technology, making it suitable to
occupy a small die size while providing high output power. It is important to note that GaAs HBT
also features a high collector-emitter breakdown voltage (BVcro) which is not utilized in deep
class-AB or class-F designs. Class-J operation may cause the peak of the collector voltage
waveform to increase up to 4*(Vpc — Vck kos), that is four times the difference between the DC
supply voltage and the edge of saturation voltage (Vpc — Vceros). That characteristic of class-J
represents no issue for GaAs HBT, but it may become a limiting factor for other technologies such
as SiGe (Silicon Germanium) HBT which exhibits a low breakdown voltage.

The investigation presented in this section as well as the discussions in the last two sections
highlight that class-J is very suitable for the implementation of a linear power amplifier with high

efficiency for wireless handsets, that utilizes GaAs HBT process technology.

5.2.5 - The Proposed Design Process

The proposed design process for a linear power amplifier with high efficiency incorporates class-
J as the technique to achieve high power efficiency at the saturated output power while providing

the needed linearity with enhanced efficiency at back-off output power levels.
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GaAs HBT process technology is utilized to employ the high collector-emitter breakdown
voltage (BVckro) feature in class-J operation, and enable the tuning of linearity through the resistor
in series with the base terminal and the bias circuit output impedance. The bias circuit output
impedance is controlled by selecting the suitable bias resistor value. A bias circuit with a
linearization effect, such as the one discussed in Section 3.5.2, should be utilized in the design to
provide a linearization mechanism by reducing the bias depression of the power transistor at high
output power levels while providing temperature compensation.

The design methodology for broadband matching networks introduced in Chapter 4 represents

a procedure to design the output matching network with a broadband frequency response.

5.3 - APower Amplifier Module Design

A power amplifier module is designed and implemented to validate the effectiveness of the
proposed techniques. The design consists of two stages of amplification: a power stage and a driver

stage, as shown in Figure 5-4.
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Network
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Figure 5-4 — A block diagram of the power amplifier module.

The total power efficiency of the entire module is dominated by the power-stage efficiency
since that stage generates the required output power, causing it to consume the majority of the DC

power. Therefore, the power stage is designed to operate as class-J. It is important to note that
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from a system design perspective, the power-added efficiency (PAE) is an important characteristic
of the design. Increasing the power gain of the entire module increases the power-added efficiency.
Therefore, it is important to target a high power gain of the design.

A driver stage is needed to provide the required power gain of the entire module since the
power stage typically provides a limited power gain that does not meet the gain requirements. The
targeted power gain is about 30 dB at back-off output power levels and about 24 dB at the saturated
output power. The driver stage is implemented as a deep class-AB to simplify the inter-stage
matching network topology.

At the targeted frequency of operation, the typical quality factor of an on-chip inductor is
about 7 — 10. To minimize the power loss of the power stage output matching network, the network
is implemented on a high-frequency laminate where the quality factor of the printed inductor is
about 25 — 35. Compared to the discrete inductors which have a quality factor of about 11 — 15,
the printed inductors on the laminate provide the minimum loss. The capacitors of the output
matching network are surface mount technology (SMT) capacitors with a high quality factor.

A rule of thumb has been applied throughout the design to reduce the RF leakage from the RF
path to non-RF paths. The 10:1 rule: at any node where an RF path and non-RF path exist, the
impedance of the non-RF path is higher than or equal to ten times the impedance of the RF path
(ZnoN rF > 10 * ZgF).

This section presents the initial values of the design where each stage is designed separately.
The initial hand calculations are based on the assumption of an ideal transistor and other
approximations. Hence, the final values deviate from the estimated initial values. Also, adding the
ground inductance, based on electromagnetic (EM) simulation, required changes in the design,

especially in the driver stage by adding a feedback loop for stability reasons.

5.3.1 - Power Stage Design

The design of the power stage is focused on achieving the highest power efficiency while
maintaining linearity of both AM-AM and AM-PM. Therefore, the power stage is designed to
operate as class-J. Since the power stage is delivering a high level of output power, the power
transistor is typically a large periphery size device that provides a low power gain. Hence, it is

desirable to select the smallest device size that is capable of delivering the required output power.
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5.3.1.1 - Transistor Size and DC Base-Ballast Resistor
From Table 5-1, the required maximum output power delivered to the load (Prmax) is 34 dBm.
Assuming a power loss of about 0.5 dB in the output matching network, the required generated
output power at the fundamental frequency at the collector is 34.5 dBm (2.818 Watt).

Class-J operation is biased as deep class-AB (ideal class-B), the maximum power delivered
to the load at the collector is calculated as

PL,Max = EVcel,MaxIcl,Max,B (5-2)

where the Veer,max 1s the maximum amplitude of the fundamental voltage component, which equals

(Vbc - Veekos). The Ieimaxs s the maximum amplitude of the fundamental current component.

From the analysis in Section 2.2.1, for a given maximum collector current (icmax), the Icimax,8 1S

Icl,Max,B = 0.5 * iC,Max ( 5-3 )

Equation ( 5-2 ) can be written as

1 .
Pppax = 2 (VDC - VCE,Eos)lc,Max (5-4)

Hence, the maximum collector current (icmax) needed from the device for ideal class-B operation

can be calculated as

4PL Max
leMax = : (5-5)
“ (VDC - VCE,EOS)

For the given process technology, the HBT transistor exhibits an edge of saturation voltage
(Vceeos) of about 0.5 V. The DC supply voltage is 3.5 V. The needed icmax is calculated from
Equation ( 5-5) to be 3.76 A.

For ideal class-B operation, from the analysis in Section 2.2.1, the DC current component
(Ipc,) 1s given in terms of the maximum collector current (icmax) as

1
Ipcg = - *1lc Max (5-6)
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The expected maximum DC current component from the device is calculated from Equation ( 2-19
) to be about 1.2 A. From the design guide of the process technology, TriQuint [18], the maximum
DC current for a cell with an emitter size of (3 Fingers x 3 um (Width) x 45 um (Length)) is 81
mA. Therefore, the estimated minimum number of required cells of the transistor is 15 cells. Since
the device is biased as deep class-AB where the DC current component is higher than the case of
ideal class-B, where zero quiescent current is assumed, it was determined to use a larger device of
16 cells (each cell with an emitter size of 3 Fingers x 3 um (W) x 50 um (L)). It is important to
note, another reason for selecting a larger size transistor is to address the ruggedness issue, since
the power amplifier module may face a load with a higher VSWR from the antenna than the
assumed typical 50 Ohm load. In such a situation the collector current may spike to higher levels
with a higher DC current component than what is estimated for typical operation.

The DC base-ballast resistor is selected as the minimum value that extends the safe operating
area (SOA) by avoiding the occurrence of a breakdown phenomenon in the region of operation.
The safe operating area is shown in Figure 5-5 limited by the line that extends from the expected
maximum collector current (icmax) to the expected maximum peak collector voltage, 4x(Vbc -

VcE Eos) in class-J operation.

(A)

iC

v_CE (V)
Figure 5-5 — Power stage: |-V DC transfer characteristics (simulated), collector current (ic) vs. collector-

emitter voltage (vce) for steps of base-emitter voltage (vse).

Figure 5-5 shows the /- DC transfer characteristic of a 16 cell device (each cell with an

emitter size of 3 Fingers x 3 um (W) x 50 um (L)) with a DC base-ballast resistor of 96 Ohms for
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each cell. This ballast resistor is placed in the DC path to prevent current hogging among different
cells of the overall transistor.

It should be noted that the device behaves differently under RF operation than DC operation.
Effects, such as transient junction heating, occur under DC operation and does not occur under RF
operation. The safe operating area (SOA) under RF operation is usually larger than what is
estimated based on the DC curves. Therefore, estimating the base-ballast resistor based on the DC
curves is considered a conservative estimation.

The DC base-ballast resistor is added in the DC path between the power transistor and the bias
circuit as a part of the bias resistor (Rz,ss,1), as shown in Figure 5-7. To improve linearity while
avoiding a degradation of the power gain, it was elected to use a very small resister in the RF path

in the power stage, since any loss in the RF path degrades the power gain.

5.3.1.2 - Output Matching Network - Class-] Load
Targeting class-J operation, from the analysis in Section 2.3.2.2, the optimum load of class-J is

determined in terms of the optimum load of ideal class-B (R.:,5) as

Zi1y =Rup+JjRup

(5-7)

Assuming ideal class-B operation, since the required maximum output power of the fundamental
frequency at the collector is 34.5 dBm (2.818 Watt), the corresponding output 1dB compression
point (O1dB) is estimated to be about 32.5 dB (1.78 Watt). For the given HBT transistor edge of
saturation voltage (Vck tos) is about 0.5 V, and the DC supply voltage is 3.5 V, the corresponding
icMax at the O1dB compression point is calculated from Equation ( 5-5 ) to be 2.37 A. From
Equation ( 2-18 ), the corresponding maximum amplitude of the fundamental current component

(Ic1.max8) 18 1.185 A. From the analysis in Section 2.2.2, the optimum load for class-B is found as

Vcel Max
Rioptp = I (5-8)
cl,Max,B

where Veer max 1s the maximum amplitude of the fundamental voltage component, which equals

(Vpc - Vegkos). The Ieimax,s 1s the maximum amplitude of the fundamental current component.
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From Equation ( 2-15 ), Rei.5 = 2.53 Ohm. From Equation ( 2-58 ), the estimated load for class-J
is
ZLl,] == 2.53 +]2.53

(5-9)

It should be noted that the estimated load is calculated by assuming that the O1dB compression
point occurs at the maximum swing of the fundamental voltage and current components.

Biasing the power transistor as deep class-AB causes the second-harmonic current component
to be lower than the case of class-B. The load impedance of class-J is estimated based on ideal
class-B. Hence, the load impedance of the second-harmonic component should increase compared
to the estimated value in Equation ( 5-9 ) to compensate for the lower second-harmonic current
component in order to obtain the same second-harmonic voltage component level.

The output matching network is implemented as three sections where the only on-chip

component is the shunt capacitor and the rest of the network is off-chip, as shown in Figure 5-6.

RFC

—— oYY Y ® Y Y Y

o ]

On-Chip Off-Chip

Figure 5-6 — Output matching network.
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Since the power stage is designed as class-J where no second-harmonic trap exists at the
collector terminal, each shunt branch of the off-chip network contains a shunt capacitor in series
with an inductance to create a notch in the frequency response (one notch at the second harmonic
frequency and the other at about the forth harmonic) in order to attenuate the harmonics and meet
emission specifications.

Applying the 10:1 rule of thumb of the RF path to the non-RF path impedance, the RF choke
value is selected such that the impedance of the choke approximately equals ten times the
impedance presented at the RF choke node. The RF choke should be connected to the matching
network at the node with the lowest impedance within the network. Such an approach provides the
smallest inductance of the choke with the smallest footprint on the laminate.

The matching network is initially designed to present the optimum load impedance of ideal
class-B, then it was tuned to present the required load for class-J operation. Such an approach was

found to be simple in obtaining the required load of class-J.

5.3.1.3 - Bias Circuit - Linearity Enhancement

Section 3.5.1 showed that an HBT transistor suffers from a bias depression phenomenon that
degrades the linearity at high input drive levels. The modified double diode-connected transistors
bias circuit, which was introduced by Noh and Park [49] and presented in Section 3.5.2, is utilized
in the design to provide a temperature compensation as well as a reduction to the bias depression
of the power transistor. The bias circuit has been modified by adding a resistor in series with the
two diode-connected transistors in the reference branch, as shown in Figure 5-7.

To determine the quiescent bias point, after selecting the power transistor size and the base-
ballast resistor, and presenting the estimated load impedance at the collector, a DC voltage source
is applied at the base. Both the load impedance and the base DC voltage are tuned for the highest
efficiency and the best linearity. Applying the bias level as a voltage source was found to be more
effective than applying it as a current source which is the typical approach in small-signal
amplifiers. The exponential relationship between the collector current (ic) and the base-emitter
voltage (vae) can be approximated as a piecewise linear relationship as shown in Figure 5-8. From
the figure, a small change of current on segment “A” causes a large change of voltage. While, on
segment “B”, a small change of voltage causes a large change of current. Therefore, it is preferred

to bias the device with a current source when the bias point lies on segment “B” and to bias the
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device with a voltage source when the bias point lies on segment “A”. For deep class-AB bias, the
device is approximately biased on segment “A”. Therefore, it was selected to apply a voltage

source at the base terminal.
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Figure 5-7 — Power stage bias circuit.
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Figure 5-8 — Approximated piecewise linear curve of collector current (ic) vs. base-emitter voltage (vse).
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The base DC current of the emitter—follower transistor is related to the base DC current of the
power transistor by beta of the transistor (/) (for the given process, f = 80). The size of the emitter-

follower transistor is estimated from the following relationship

(5-10)

where A7 £r is the emitter area of the emitter-follower transistor. The Azps is the emitter area of the
power transistor. For the selected power transistor of 16 cells (with emitter size of 3 Fingers x 3
um (W) x 50 um (L)) and the given beta, the emitter-follower transistor size can be estimated as 1
cell (with emitter size of 3 Fingers x 3 um (W) x 10 um (L)). It should be noted that in order to
avoid process variation affecting the bias circuit performance, it was elected to keep the minimum
width of each finger as 3 um and the minimum length of each finger as 15 um, for all transistors
in the bias circuits.

The initial bias resistor was selected to satisfy the rule of thumb of the RF to non-RF path
impedances. The bias resistor was divided into two parts: one part which is the DC base-ballast
resistor and the other part is added at the bias circuit such that the total resistance approximately
equals 10 times the small-signal input impedance of the transistor (determined by simulation).

Given the bias resistor value and the base bias current of the power transistor, the needed
reference voltage at the reference branch is determined where the reference branch is acting as a
voltage regulator. The reference branch was designed such that it provides the required voltage
and current while it consumes less DC current than the emitter—follower transistor to reduce the
current driven from the regulated supply voltage (Vreg) and improve the total efficiency of the
power stage. It was elected to reduce the area of the diode-connected transistors by a factor of three
compared to the emitter-follower transistor in order to reduce the DC current while maintaining a
suitable transistor size that overcomes any process variation.

The impedance of the shunt capacitor is estimated, at the fundamental frequency (the center
of the targeted bandwidth), to approximately equal the input impedance of the reference branch at
the quiescent bias point. As the input drive signal increases, the DC current increases and the input
impedance of the reference branch decreases, causing the resultant parallel impedance of the

reference branch and the shunt capacitor to decrease faster. As a result, a larger portion of the RF
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power leakage is applied to the emitter-follower transistor, forcing it into a bias depression that

compensates the bias depression of the power transistor.

5.3.2 - Driver Stage Design
The design of the driver stage focused on providing the required output power to drive the power
stage up to the saturated output power level while maintaining the required linearity at back-off
power levels. Hence, the driver stage was designed such that it operates at the maximum linear
output power when the power stage is operating at the saturated output power level. Such an
approach was found to improve linear operation of the entire module.

For investigations, the driver stage was assumed to operate either as class-J or deep class-AB.
The initial design of the driver stage did not include a feedback. Later during the design process,
after integrating both the power stage and the driver stage with the electromagnetic (EM) model
of the ground inductance, the driver stage required a feedback loop for stability and it was elected

to operate the driver stage as deep class-AB to simplify the inter-stage matching network.

5.3.2.1 - Transistor Size and DC Ballast Resistor

The simulation of the power stage, as a separate stage, has shown about 15 dB of power gain at
the saturated output power level. Hence, the driver stage is required to provide a maximum linear
output power level of about 20 dBm. For marginal performance, it was assumed that the required
output power at the collector terminal is 21 dBm (0.126 Watt). The same steps discussed in Section
5.3.1.1 has been followed to estimate the transistor size and the required base-ballast resistor.

Either case of operating the driver stage as class-J or deep class-AB requires biasing the
transistor as deep class-AB (ideal class-B). For the given process technology, the HBT transistor
at low collector current exhibits an edge of saturation voltage (Vcz eos) about 0.4 V. The DC supply
voltage is 3.5 V. The needed icmax is calculated from Equation ( 5-5) to be 162.5 mA.

For ideal class-B operation, the expected maximum DC current component from the device is
calculated from Equation ( 2-19 ) to be about 81.25 mA. From the design guide of the process
technology, the maximum DC current for a cell (with an emitter of size 3 Fingers x 3 um (W) x 45
um (L)) is 81 mA. The estimated number of required cells is 2 cells (each cell with an emitter size
of 3 Fingers x 3 um (W) x 50 um (L)). Such an estimation assumes the device is biased as a deep
class-AB where the DC current component is expected to be higher than the case of ideal class-B.

It is important to note that, another reason for selecting a larger size transistor is to account for the
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ruggedness issue. Although the driver stage does not face a direct high VSWR load as the case of
the power stage, any change of the power stage load is reflected at the collector of the driver stage
since the power transistor is not a perfect unilateral device.

The DC base-ballast resistor is selected as the minimum value that extends the safe operating
area (SOA) by avoiding the occurrence of a breakdown phenomenon in the region of operation, as
discussed in Section 5.3.1.1. The safe operating area is shown in Figure 5-9 limited by the line that
extends from the expected maximum collector current (icmax) to the expected maximum peak
collector voltage, 4x(Vpc - Vcekos) in class-J operation. Figure 5-9 shows the I-V DC transfer
characteristic of a 2 cell device (each cell with an emitter size of 3 Fingers x 3 um (W) x 50 um

(L)) with a base-ballast resistor of 90 Ohms for each cell.

400

i C(mA)

v_CE (V)

Figure 5-9 — Driver stage: I-V DC transfer characteristics (simulated), collector current (ic) vs. collector-

emitter voltage (vce) for steps of base-emitter voltage (vse).

The DC base-ballast resistor is added in the DC path between the driver transistor and the bias
circuit as a part of the bias resistor, as shown in Figure 5-11. Also, a series resistor was added in
the RF path for both linearity and stability reasons.

It should be noted that the final transistor size was selected to be 3 cells (each cell with an
emitter size of 3 Fingers x 3 um (W) x 50 um (L)). The increase of the size was necessary to reduce

the power gain of the stage to improve the stability.
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5.3.2.2 - Inter-Stage Matching Network - Deep Class-AB Load

In order to simplify the inter-stage matching network design, the driver stage was designed to
operate as deep class-AB (ideal class-B). For ideal class-B operation, the required output power of
the fundamental frequency at the collector is 21 dBm (0.1625 Watt). From Equation ( 2-18 ), the
maximum amplitude of the fundamental current component (/cz,max,8) is 81.25 mA. From Equation
(2-15), for the given DC supply voltage of 3.5 V and the edge of saturation voltage of about 0.4
V, the estimated load is Rz;,53 = 38.2 Ohm.

It should be noted that since deep class-AB operation exhibits a higher level of the
fundamental current component than ideal class-B, the load should be decreased lower than the
estimated load. Also, it was observed during the design process that in order to obtain a good level
of linearity, the load may need to decrease than the estimated value.

The inter-stage matching network is implemented as a single-section L-network, as shown in
Figure 5-10. The series capacitor is implemented on the die to function as a DC block between the
two stages while being a part of the impedance-transforming network. The shunt indicator is

implemented on the laminate to obtain a high quality factor while acting as an RF choke.

Figure 5-10 — The inter-stage matching network.

Such a simple topology has been proved to be effective in presenting the needed load to the
transistor while occupying a small die area. It is important to note that although the inter-stage
matching network is seen as a high-pass network of a series capacitor and a shunt inductor, the
network behaves as a band-pass network since the input impedance of the power transistor includes

shunt capacitors, Lu, et al. [59], providing a low impedance at the harmonics.
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5.3.2.3 - Bias Circuit - Linearity Enhancement
In order to provide temperature compensation, the double diode-connected transistors bias circuit
was utilized in the driver stage. Also, a shunt capacitor at the base of the emitter-follower transistor

is added to reduce the bias depression of the driver transistor, as shown in Figure 5-11.
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Figure 5-11 — Driver stage bias circuit.

The same steps discussed in Section 5.3.1.3 have been followed to determine the quiescent
bias point, where a voltage source was applied at the base terminal and the base bias voltage that
gave best linearity was selected. To determine the size of the emitter-follower transistor, a lower
beta (f = 50) was estimated since the driver stage operates at a much lower DC collector current.
From Equation ( 5-10 ), for the selected driver transistor of 3 cells x (with an emitter size of 3
Fingers x 3 um (W) x 50 um (L)) and the given beta, the emitter-follower transistor can be
estimated as 1 cell (with an emitter size of 1 Finger x 3 um (W) x 9 um (L)). Though, it was
selected to use a transistor of 1 cell (with an emitter size 1 Finger x 3 um (W) x 15 um (L)) to
avoid process variations affecting the bias circuit performance.

The bias resistor was selected to satisfy the 10:1 rule of thumb of the RF to non-RF path
impedances. The bias resistor was divided into two parts: one part is the DC base-ballast resistor
and the other part is added at the bias circuit such that the total resistance approximately equal to

10 times the small-signal input impedance of the driver transistor (determined by simulation).
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Given the bias resistor value and the base bias current of the driver transistor, the reference
voltage at the reference branch is determined. A ratio of one was used between the emitter-follower
transistor and the transistors of the reference branch since the smallest size recommended to avoid
process variation effects has been used in the emitter-follower transistor.

The impedance of the shunt capacitor value is estimated at the fundamental frequency (the
center of the targeted bandwidth). The estimation is set to approximately equal the input impedance

of the reference branch at the quiescent bias point.

5.3.2.4 - Input Matching Network

The input matching network was designed as a single-section T-network using the design
equations introduced in Section 4.2.2.1. The network provides a conjugate match to the input
impedance of the driver stage from the source impedance, which is typically 50 Ohms. Figure 5-12

shows the input matching network topology.

. I I Y\

=

To the base terminal

Figure 5-12 — The input matching network.

The network topology was selected such that an inductor is in series with the base terminal of
the driver transistor. The topology intended to further stabilize the driver stage and maintain that
stabilization over process variations of both the die and the laminate. The concept is, the inductor
exhibits a low quality factor (about 7) and a high loss, the inductor loss that is in series with the
base terminal of the driver transistor would force the total impedance around the loop at the base
node to be positive. It is important to note that such a technique does not cause a significant
degradation in the power gain of the driver stage since the input impedance of the driver transistor

is much higher than the inductor loss.
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It should be noted that the inductance of the input trace on the module laminate has been
resonated out by the input matching network on the die to obtain 50 Ohms at the input pin of the

module.

5.3.2.5 - Feedback Loop and Emitter Degeneration for Stability

The ground inductance of both the power stage and the driver stage creates a feedback path
between the two stages. That feedback path may cause the driver stage to oscillate. Two techniques
can be utilized to stabilize the driver stage. One is using a feedback loop, typically a resistor in
series with a DC blocking capacitor, between the collector and base terminals. Another technique
is to add an emitter inductance degeneration, which is a small inductance in series with the emitter
terminal. The concept of the emitter inductance degeneration is to increase the isolation between
the driver stage and the power stage, reducing the feedback between the two stages. It should be
noted that the emitter inductance improves the noise performance of the power amplifier as well,

Lin, et al. [60]. Both techniques were utilized in the design, as shown in Figure 5-13.

V_DC2
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Figure 5-13 — A Feedback loop and an emitter inductance degeneration for stabilizing the driver stage.

It is important to note that both techniques cause a reduction in the power gain of the driver
stage. Therefore, it is important to start the design with a high power gain. The 10:1 rule of thumb

used throughout the design was applied to choose the initial value of the feedback resistor where
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it was chosen to satisfy 10 times the small-signal input impedance of the driver transistor including

the linearization resistor (RrLin2) in the RF path.

5.4 - The Design Schematic and Layout

5.4.1 - Full Module Schematic

A detailed schematic of the implemented power amplifier module is shown in Figure 5-14.
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Figure 5-14 — The full schematic of the power amplifier module.

Figure 5-14 identifies the portion of the module that was implemented on the die and the other
portion on the laminate. It is important to note that a bypass capacitor is added on each DC supply
trace (Vpc, and Vaarr) to avoid an RF leakage and feedback paths from the DC supply side. The

bypass capacitors are not shown in Figure 5-14.

5.4.2 - Power Amplifier Die Layout

One goal of the design is to reduce the area needed for the power amplifier die to achieve a low
cost while maintaining high performance. Figure 5-15 shows the final layout of the taped-out die.
It should be noted that the required die area is much less than the physical dimensions of the taped-
out die (710 um x 790 um, not including saw street dimensions). The dimensions of the taped-out

die was maintained to fit the die with other circuits in a quadrant.
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Figure 5-15 — The layout of the GaAs HBT die.

Important considerations maintained during the layout phase:

e Maintaining a symmetry in the device layout for each cell and the associated
components, such as DC base-ballast resistors and matching network capacitors is
important to avoid current hogging during operation as the device temperature
increases.

e The reference branch of the bias circuit is kept in a very close proximity to the
associated power/driver transistor to enable the bias circuit to effectively track the
temperature variations of the power/driver transistor.

Figure 5-16 shows a photograph of the taped-out GaAs die (bump-pillars are pointing up).
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Figure 5-16 — A photograph of the power amplifier die (bump pillars are pointing up).

5.4.3 - Module Laminate Layout

The laminate layout was carried out with the focus on reducing the inductor loss in order to reduce
the loss of the output matching network. The layout of various components was spread across the
given dimensions to reduce the electromagnetic coupling among the components and avoid
feedback paths that may cause instability issue. The footprint of the taped-out laminate was a given
footprint that matches with a specified evaluation board to facilitate the laboratory measurements
and avoid the need for a new evaluation board. Figure 5-17 shows the taped-out module laminate

layout. Figure 5-18 shows a photograph of the taped-out laminate.
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Figure 5-17 — The layout of the module laminate.

Figure 5-18 — A photograph of the module laminate.
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5.5 - Simulation and Experimental Results

5.5.1 - Simulation Strategy
The power amplifier module design required integrating multiple technologies in a single package.
The module integrated a GaAs HBT die that represents the power amplifier circuit, and an external
output matching network on the laminate. The shunt inductor of the inter-stage matching network,
which also acts as an RF choke, was implemented as a printed inductor on the laminate for a lower
loss. Surface Mount Technology (SMT) capacitors were integrated on the module as components
of the matching network and bypass capacitors on each DC supply voltage. The bypass capacitors
are needed to shunt the RF signal to ground, preventing RF signal leakage to the external system.
The strategy of the simulation was to combine both schematic models and simulated
electromagnetic models in a single schematic simulation. The GaAs HBT transistor models in the
available design kits from TriQuint were used in the schematic of the power amplifier, TriQuint
[61]. All on-chip inductors were implemented by performing an electromagnetic simulation to
determine the inductor value and the associated loss, as shown in Figure 5-19. To reduce the
inductor loss, all on-chip spiral inductors were designed by stacking metall, vial, and metal2 as a

single conductor of the inductor.

Figure 5-19 — EM simulation for S-parameters of an on-chip spiral inductor.
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The design of the output matching network started from a schematic where the loss of the
inductor was included. The implementation of each inductor on the laminate was performed
through an iterative electromagnetic simulation to determine the inductance value and the
associated loss, as shown in Figure 5-20. To maintain a high quality factor of the printed inductors
on the laminate, the printed inductors were restricted to the top two metal layers of the laminate
(metall and metal2) where both metal layers were integrated to construct the inductor. The SMT
capacitor models, obtained from Murata [62], were integrated with the simulated electromagnetic
model of the matching network during schematic simulations of the matching network and the full

power amplifier module.

L
=

Figure 5-20 — EM simulation for S-parameters of a printed Inductor on the laminate.

Implementing the power amplifier die in a flip-chip technology presented a challenge during
the simulation of the design. Determining the ground inductance of the die was found to be critical
to evaluate many of the power amplifier characteristics such as power gain, efficiency and stability.
Determining the inductance of the bump pillars connected to the output matching network are
critical to estimate the load impedance presented to the power transistor at the collector terminal.
Electromagnetic simulations were necessary to estimate both the ground inductance and the bump-

pillar inductance in each case.
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At the final phase of the design, a full electromagnetic simulation was performed for the entire
module laminate in order to capture any coupling or feedback paths through the laminate, as shown
in Figure 5-21. The generated EM model (contains S-parameters) of that simulation was combined
with the schematic of the power amplifier die and the SMT capacitors model to create a full

simulation of the entire module.

Figure 5-21 — EM Simulation for S-parameters of the full module laminate.

5.5.2 - Simulation Results
“Advanced Design System” (ADS) software, from Keysight [63] (formerly Agilent [64]), was
used in both schematic and electromagnetic simulations. The “Harmonic Balance” simulator,
which is a nonlinear simulator, was the main simulation engine utilized in evaluating the power
amplifier large-signal characteristics, such as power gain, phase difference, and power efficiency.
Small-signal “S-Parameters” was used to simulate the passive sections of the module such as the
matching networks. Momentum-Microwave was the engine used for all electromagnetic
simulations to obtain the S-parameters.

All harmonic balance simulations were based on applying a single-tone drive signal
representing a continuous wave (CW). Due to limitations in the available licenses, no modulated
signal was utilized during simulations. During the design process, the evaluation of the power

amplifier linear operation was fully based on achieving highly linear AM-AM and AM-PM curves.

138



5.5.2.1 - Load Impedance

The final load impedance of the power stage of the taped-out die and laminate is shown in Figure
5-22. It is important to note that the reactive part of the fundamental load impedance is lower than
the estimated value of class-J load in Section 5.3.1.2. Such a deviation was intentionally employed
to reduce the peak value of the collector voltage. The initial design caused the peak value to exceed
12 V. Although the GaAs HBT transistor in the given process exhibits a collector-emitter
breakdown voltage (BVceo) of 14 V, it was elected to reduce the peak value to lower than 10 V as
shown in Figure 5-23. The reduction of the peak value was targeted as a precaution to avoid
ruggedness issue during laboratory measurements if the module was exposed to a high VSWR.
Also, due to the fact that the design is the first to utilize a GaAs HBT process in the implementation
of class-J which causes a much higher non-typical peak value of the collector voltage compared to

deep class-AB and class-F operation.
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Figure 5-22 — The simulated load impedance (real and imaginary parts) of the power stage.
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Figure 5-23 — The collector current and voltage waveforms of the power stage.

Figure 5-24 shows the load impedance presented to the driver stage. As discussed in Section

5.3.2, the driver stage was designed to operate as deep class-AB.
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Figure 5-24 — The simulated load impedance (real and imaginary parts) of the driver stage.

140



5.5.2.2 - Linearity

During the design phase, the evaluation of linear operation was based on both the power gain
linearity (AM-AM) and the phase difference between the output and input signals (4AM-PM). Figure
5-25 shows the power gain of the entire module vs. the output power at the center frequency of the
bandwidth (865 MHz), and the band edges (8 15MHz and 915 MHz). Figure 5-26 shows the phase

difference between the output and input signals vs. the output power at the same three frequencies.
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Figure 5-25 — The simulated power gain vs. output power at fo (frequencies 815, 865, and 915 MHz).
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Figure 5-26 — The simulated phase difference between output and input signals vs. output power at fo
(frequencies 815, 865, and 915 MHz).
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From the figures, the power amplifier module maintained a power gain variation of less than
0.5 dB and a phase difference variation of about 10° across a 10 dB of varying output power range.
Typically, maintaining such a low variation of both power gain and phase difference within the
varying output power region results in high linearity in terms of Adjacent Channel Power Ratio

(ACPR) and Error Vector Magnitude (EVM) test specifications.

5.5.2.3 - Power Efficiency

The power efficiency and power-added efficiency (PAE) were evaluated through equations using
the power levels and DC current components that resulted from the harmonic balance simulations.
Figure 5-27 shows the power-added efficiency, at the center frequency of the bandwidth (865
MHz), and the band edges (815 MHz and 915 MHz). The figure shows the power-added efficiency
exceeds 62% which represents an improvement of 7% above the typical power-added efficiency

offered by the industry (about 55% maximum).

i 915 MHz 815 MHz

PAE (%)
1

Pout (dBm)

Figure 5-27 — The simulated power added-efficiency vs. output power at fo (frequencies 815, 865, and
915 MHz).

5.5.3 - Measurement Results

To evaluate the performance of the implemented power amplifier module, the module was
assembled and soldered to an evaluation board, as shown in Figure 5-28. All tests were performed
using an automated test bench, in room temperature, and with a 50 Ohm load (VSWR = 1). The

loss of the RF input/output traces of the evaluation board were measured and de-embedded from
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the measurement results in order to reference the results to the module boundary. The same test

environment was maintained for all tests, as shown in Figure 5-29.

Figure 5-28 — The fully assembled power amplifier module on evaluation board for testing.

Signal V_DC Power Spectrum
Generator Supply Meter Analyzer

RF_in Device RF_out
7S Under -
Test

V_Batt
Supply

Figure 5-29 — A block diagram of the test environment.

The module was tested in different modes of operation (2G/GSM, 2.5G/EDGE, and 3G/W-
CDMA)?. The test of each mode was carried out by applying a modulated input signal that

23 _ Due to a limitation of the available modulated signals, the 4G/LTE mode was not tested.
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matches the requirements of each standard. The input power level of the modulated signal was
swept up to the level that generates the specified maximum output power for each mode. The
measurements were repeated at different frequencies within the targeted bandwidth (815 MHz —
915 MHz), which covers bands 5, 6, 8, 18, 19, 20, 26 of the cellular spectrum, 3GPP [40]. The test

environment settings are summarized in Table 5-2.

Vbc 35V
VBait 35V
Load - VSWR 50 Ohm — (VSWR = 1)
Temperature Room Temp. =25 °C
Frequency Points 815, 824, 836, 849, 862, 880, 900, 915
(MHz)
2G/GSM: Input Power (Pv) Sweep Range -10 dBm - 10.5 dBm
2.5G/EDGE: Input Power (Pv) Sweep Range -20 dBm — 1 dBm
3G/W-CDMA: Input Power (Piv) Sweep Range -20 dBm — 1 dBm

Table 5-2 — Test environment settings.

The automated test bench measured the output power at the fundamental frequency (fo) and
the harmonics, the DC current, and linearity measurements such as Adjacent Channel Power Ratio
(ACPR) and Error Vector Magnitude (EVM) tests.

It should be noted that three different modules were assembled and tested, where the results

of the three modules came out in a very good agreement.

5.5.3.1 - 2G/GSM Mode

The measurements of the 2G/GSM mode was performed by applying a continuous wave (CW)
signal to the power amplifier module. The GSM signal utilizes Gaussian Minimum Shift Keying
(GMSK) modulation which generates a constant envelope signal. The main characteristics that
were evaluated are the power gain, the power-added efficiency (PAE), and the second harmonic
power level vs. the output power at the fundamental frequency (f). Figure 5-30 - Figure 5-32 show

the measurement results of those characteristics respectively.
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Figure 5-30 — 2G/GSM: The measured power gain vs. output power at fo (multiple frequencies).
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Figure 5-31 — 2G/GSM: The measured power-added efficiency (PAE) vs. output power at fo (multiple

frequencies).
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Figure 5-32 — 2G/GSM: The measured second harmonic output power vs. output power at fo (multiple

frequencies).

The measured results of the 2G/GSM mode showed a significant improvement in power
efficiency. The maximum measured power-added efficiency exceeded 62% which is about 7%
higher than what is typically offered in the industry. The power gain shows a high level of linearity
(AM-AM) where it varies about 0.5 dB in large-signal operation, over a 10 dB range of varying
output power. Such a good linearity is not required for the 2G/GSM mode, but it indicates a good
linearity for both the 2.5G and 3G modes. The second harmonic output power level shows an
acceptable level that passes most of industry specifications where there is a good opportunity of

improvement by tuning the notch to be centered within the second harmonic frequency bandwidth.

5.5.3.2 - 2.5G/EDGE Mode

The measurements of the 2.5G/EDGE mode was performed by applying a modulated EDGE signal
to the power amplifier module. The EDGE signal utilizes Phase Shift Keying (§8PSK) modulation.
Table 5-3 shows the test settings of the 2.5G/EDGE mode: the channel bandwidth of the modulated
signal, the adjacent channel offset in frequency, the targeted ACPR/EVM value, and the worst

measured ACPR/EVM value for output power levels below the specified maximum linear output
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power. Figure 5-33 and Figure 5-34 show the measured ACPR-200, and EVM, respectively, vs.

output power level at the fundamental frequency (/o).

ACPR-200 ACPR-400 EVM
Channel Bandwidth 30 KHz
Adjacent Channel Offset + 200 KHz + 400 KHz -
Targeted -33 dBc -50 dBc 3%
Measured (worst) -34.2 dBc -53 dBc 3%

Table 5-3 — 2.5G/EDGE: test settings.
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Figure 5-33 — 2.5G/EDGE: The measured ACPR-200 (worst of upper/lower) vs. output power at fo

(multiple frequencies).

The measured results of the 2.5/EDGE mode shows a good linearity operation within the

varying output power region that passes most industry specifications.
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Figure 5-34 — 2.5G/EDGE: The measured EVM vs. output power at fo (multiple frequencies).

5.5.3.3 - 3G/W-CDMA Mode

The measurements of the 3G/W-CDMA mode was performed by applying a Release-99 (GTCI)
modulated signal to the power amplifier module. The W-CDMA signal utilizes a Hybrid Phase
Shift Keying (HPSK) modulation. Table 5-4 shows the test settings of the 3G/W-CDMA mode:
the channel bandwidth of the modulated signal, the adjacent channel offset in frequency, the
targeted ACPR value, and the worst measured ACPR value for output power levels below the
specified maximum linear output power. Figure 5-35 shows the measured ACPR1 vs. output power

level at the fundamental frequency (/o).

ACPRI1 ACPR2
Channel Bandwidth 3.84 MHz
Adjacent Channel Offset + 5SMHz + 10 MHz
Targeted value -33 dBc -43 dBc
Measured value -34.9 dBc -50 dBc

Table 5-4 — 3G/W-CDMA: test settings.
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Figure 5-35 — 3G/W-CDMA: The measured ACPR1 (worst of upper/lower) vs. output power at fo (multiple

frequencies).

The measured results of the 3G/W-CDMA mode shows a good linearity operation that passes

most industry specifications.

5.5.4 - Discussion

Both the measurement and simulation results show that the implemented power amplifier module
achieved the target of operating with high efficiency in the 2G/GSM mode while operating with
high linearity that meets the industry specifications in the 2.5G/EDGE and 3G/W-CDMA modes,
[3GPP [40]]. Such a successful design validates the proposed design techniques.

The implemented design showed a significant improvement of efficiency in the 2G/GSM
mode as it exceeds what is typically offered in the industry by 7%. Also, at back-off power levels,
the power-added efficiency is enhanced where at the maximum linear output power it reaches
above 35%. Such an improvement is due to the implementation of class-J in the design as the
technique to improve the power efficiency.

The measurement results of the second harmonic output power level showed the success of

the proposed design methodology in Chapter 4. The implemented design achieved better results
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using an off-chip two-section matching network compared to what is typically used in the industry
where an off-chip three-section matching network is utilized.

The linearity measurements (ACPR and EVM) in the 2.5G and 3G modes showed a high
linearity that passes industry specifications. Such a good linearity is due to the application of
multiple concepts at the input section of each stage (power stage and driver stage) where a bias
circuit is employed for temperature compensation and bias depression reduction. Also, both the
input matching network and the output impedance of the bias circuit were used as a tuning knobs
to improve linearity. Although the 4G/LTE mode was not tested, the results of the 3G mode
indicates that the power amplifier can pass 4G/LTE specifications.

It is important to note that the presented measured results represent a first-pass design (first
tape-out of both the PA die and the module laminate) with no tuning of the circuit in the laboratory.
The measured results shows a very good agreement with the simulation results. Such an agreement,
with no tuning of the circuit in the laboratory, highlights the necessity of integrating the
electromagnetic (EM) simulations within the schematic simulations, which was the strategy taken
during the simulation phase of the design (before the tape-out) as presented in Section 5.5.1. The
simulation strategy gains importance as the operating frequency increases since the probability of
coupling and the occurrence of feedback paths increase as frequency increases.

It should be noted that the load impedance of the implemented design was modified to exhibit
a slope across the targeted bandwidth rather than a flat load impedance that achieves a broadband
response. The goal of such a deviation was to avoid the need for multiple tape-out variants of both
the PA die and the laminate, to reduce cost and resources. The strategy was to have a different load
at different frequencies. By sweeping the frequency, the optimum load can be determined. If a
second tape-out was available, the optimum load would have been implemented across the targeted
bandwidth to achieve the optimum performance across the entire bandwidth. The effect of the load
impedance variation across the bandwidth is clear where the power gain at low input drive levels
varies about 3 dB, as shown in Figure 5-30. The power-added efficiency (PAE) varies about 7%,
as shown in Figure 5-31. And, the ACPR also varies, as shown in Figure 5-33.

In conclusion, the measured results of the implemented power amplifier proved the success
of the proposed design techniques of a single power amplifier that operates with high efficiency in
one mode while the same amplifier with no modification operates with high linearity and enhanced

efficiency in another mode, providing a solution for the converged power amplifier architecture.
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5.5.4.1 - Opportunity for Improvements
Implementing the best load, from the measured results, across the entire bandwidth represents an
opportunity for improving the design performance across the entire bandwidth. Such a change
should reduce the large variations in power gain, power-added efficiency, ACPR, and EVM.

As discussed in Section 5.5.2.1, the final load impedance was reduced from the optimum load
impedance to avoid a ruggedness issue due to the high peak collector voltage that is inherited from
class-J. Increasing the load impedance back to the optimum load would achieve a higher efficiency

with the cost of higher peak collector voltage.

5.6 - Summary

The proposed design process of a linear power amplifier with high efficiency was introduced in
this chapter. The design process relies on utilizing class-J as the technique of improving the power
efficiency while maintaining linear operation. In order to improve linearity, the bias circuit should
provide temperature compensation and reduction of the bias depression of the power transistor
where the output impedance of the bias circuit is controlled.

A design of a power amplifier module was implemented to validate the effectiveness of the
design process. Both simulated and measured results of the implemented module showed a good
agreement, highlighting the success of the proposed design process. The results showed the power
amplifier module operates in the 2G/GSM with high efficiency up to 62%, about 7% higher than
the industry. The power amplifier also operates in both the 2.5G/EDGE, and 3G/W-CDMA modes

with high linearity that meets the industry specifications.
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6.

Conclusion

6.1 - Research Summary

The major goal of the research was to develop design techniques for a linear power amplifier that
operates with high efficiency at the saturated output power level (in the 2G mode), operates with
high linearity and enhanced efficiency at back-off output power levels (in the 2.5G/3G/4G modes),
and covers a broadband frequency response. Such a power amplifier represents a solution to the
converged power-amplifier architecture in handsets, where a single power amplifier operates in
multiple modes (2G/2.5G/3G/4G), while covering one of the three major frequency bands in the
cellular spectrum (low band: 695 MHz — 915 MHz, mid band: 1710 MHz — 2025 MHz, or high
band: 2300 MHz — 2700 MHz).

To develop the design process, the research investigated three different areas of interest in the
power amplifier design. The three areas of interest are: achieving high power efficiency, operating
with high linearity, and covering a broadband frequency response.

Chapter 2 presented the current techniques of improving the power efficiency of a linear
power amplifier, deep class-AB and class-F. The main issue that impedes these techniques from
achieving the maximum theoretical power efficiency lies in the implementation part of the design.
In deep class-AB, presenting a non-perfect short-circuit at the harmonics, especially the second
harmonic, degrades the power efficiency, the output power, and the linearity. Such a situation
occurs when using a small shunt capacitor at the collector terminal rather than a second-harmonic
trap, or using a single second-harmonic trap rather than double second-harmonic traps in a
broadband design.

Also in Chapter 2, class-J operation was investigated in details where the optimum load, the
maximum power efficiency, and the maximum linear output power were derived. The analysis of
class-J was restricted to utilizing the second-harmonic component rather than the general
theoretical definition of class-J where the second and higher harmonic components are utilized.
Class-J has a few advantages making it suitable to the implementation of handset power amplifiers.
Class-J does not require a perfect short-circuit termination for the second harmonic, eliminating

the need for a second-harmonic trap at the collector terminal and avoiding the implementation
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issues of deep class-AB. Class-J adds the second-harmonic voltage component in-phase to the
fundamental component which increases the minima of the voltage waveform away from the edge
of saturation voltage (Vck eos) avoiding operation in the saturation region of the transistor which
is a highly non-linear region. Therefore, class-J can achieve a higher practical power efficiency
than deep class-AB while maintaining a high linearity.

Chapter 3 presented a detailed discussion about the linearity in power amplifiers. Few of the
highlighted issues are: the nature of nonlinearity is categorized as weakly and strongly
nonlinearities; both the amplitude (AM-4AM) and phase (AM-PM) distortions cause a waveform
distortion; and the operation with a reduced conduction angle exhibits a form of nonlinearity. The
transistor characteristics affect the linearity. The expansive transconductance of the HBT can be
utilized to reduce the nonlinearity inherited from the reduced conduction angle operation. Also,
the elimination of odd-degree harmonic components at the output of the transistor may improve
linear operation.

Additionally, in Chapter 3, investigations of techniques to linearize the relationship between
the collector current and the input voltage of an HBT were presented, such as using a series resistor
at the base terminal, while considering the effects of both the bias circuit output impedance and
the input matching network frequency response. Multiple bias circuits were discussed to obtain a
circuit that provides temperature compensation and reduces the bias depression phenomenon that
occurs in HBT power transistors at high output power levels.

Chapter 4 presented a new design methodology for broadband matching networks using
simple design equations of single-section networks (L and T-network) while incorporating the
inductor loss. The technique provides an accurate impedance transformation while adding more
degrees of freedom to the design process where the designer can determine the needed trade-off
among the out-of-band attenuation, the network loss and the network size.

The proposed design process of a linear power amplifier with high efficiency was introduced
in Chapter 5. The design process relies on utilizing class-J as the technique of improving the power
efficiency while maintaining linear operation. In order to improve linearity, a bias circuit that
provides both temperature compensation and a reduction of the bias depression of the power
transistor should be used.

A design of a power amplifier module was implemented to demonstrate the effectiveness of

the proposed design techniques. Both simulated and measured results of the implemented module
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proved the success of the proposed design techniques. The results showed the power amplifier
module operates in the 2G/GSM mode with a high efficiency of up to 62%, about 7% higher than
what is typically offered in the industry. The power amplifier also operates in both the 2.5/EDGE,
and the 3G/W-CDMA modes with high linearity that meets the industry specifications. Though
the 4G/LTE mode was not tested, the results of the 3G mode indicated that the power amplifier
can pass 4G/LTE linearity specifications. The results showed the effectiveness of the new design
methodology of broadband matching networks as high harmonic attenuation was achieved using
only a two-section off-chip network compared to a three-section off-chip network that is typically

used in the industry.

6.2 - Conclusion

The analysis, discussions, and investigations throughout the research demonstrated design
techniques for a linear power amplifier that operates with high efficiency and covers a broadband
frequency response. The design requires utilizing a technique to improve the efficiency, maintain
a high linearity, and avoids the implementation issues of the harmonic terminations that hinders
typical design techniques, such as deep class-AB.

Class-J showed a few advantages making it the proper technique to achieve high practical
efficiency at the saturated output power level while providing the needed linearity with enhanced
efficiency at back-off output power levels. Class-J utilizes the second harmonic component in
addition to the fundamental component to shape the collector voltage waveform such that the
minima of the voltage waveform increases away from the edge of saturation voltage (Vce £os),
avoiding operation in the saturation region of the transistor, which is a highly nonlinear region.

The implementation of class-J does not require presenting a short-circuit termination at the
second harmonic, avoiding the need for a second-harmonic trap, double second-harmonic traps for
broadband designs, or a larger capacitor at the collector terminal. In each case, a larger die size
would be needed and the practical deviation of presenting a perfect short-circuit termination causes
a degradation of the output power, the power efficiency and linear operation.

Class-J utilizes the second harmonic component compared to class-F that utilizes the third
harmonic component. For a given low-frequency process technology of a transistor, class-J is more

suitable than class-F to implement a power amplifier that covers a high frequency band.
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The load impedance required for class-J consists of a combination of resistive and inductive
components at the fundamental frequency and a capacitive termination at the second harmonic
frequency. The implementation of such a load requires adding a shunt capacitor at the collector
terminal of the transistor and presenting an inductive impedance higher than what is typically
presented for deep-class-AB, before the shunt capacitor. Such an implementation is found to be
useful since the high inductive component acts as an RF choke for the harmonics, attenuating the
harmonics passing to the output matching network. Hence, the needed attenuation of the harmonics
by the matching network is reduced, and the network size can be reduced.

Restricting class-J operation to the utilization of the second harmonic component only, rather
than the general theoretical definition where the second and higher harmonics can be utilized,
improves the linearity as it avoids the odd-degree harmonic components which degrade linear
operation. Such a feature of class-J may improve the linearity compared to class-F which utilizes
the third harmonic component.

The research showed that the GaAs HBT process technology provides a suitable process to
implement the design of a linear power amplifier with high efficiency. GaAs HBT transistors
exhibit a high collector-emitter breakdown voltage (BVceo), making it suitable to implement class-
J where the peak of the collector voltage waveform my reach up to four times the difference
between the DC supply voltage and the edge of saturation voltage (4 x (Vbc - VcEEos)).

Employing GaAs HBT transistors in the design provides an opportunity to improve the
linearity further. HBT transistors show an expansive transconductance that reduces the
compressive nonlinearity that occurs due to the reduced conduction angle operation. Although
HBT transistors exhibit a strong nonlinear relationship between the collector current and the base-
emitter voltage due to the exponential relationship, adding a series resistor with the base terminal,
modifying the output impedance of the bias circuit, and considering the effect of the frequency
response of the input matching network may linearize the relationship between the collector
current and the input voltage of the amplifier. Improving the linearity of a power amplifier that
employs an HBT transistor requires implementing a bias circuit that reduces the bias depression
phenomenon of the HBT while providing temperature compensation.

The simulated and measured results proved the success of the proposed techniques for
implementing a linear power amplifier that operates with high efficiency at the saturated output

power level and maintains high linearity with enhanced efficiency at back-off output power levels.
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6.3 - Significance of the Research

The research investigated three major areas of interest for a power amplifier design: achieving a
high power efficiency, operating with a high linearity, and covering a broadband frequency
response.

The major significance of the research is developing design techniques for a linear power
amplifier that operates with high efficiency at the saturated output power level while providing the
needed linearity with enhanced efficiency at back-off output power levels and covering a
broadband frequency response.

The proposed design techniques are considered contributions to the current research efforts in
the handset power amplifier industry to develop a single multi-mode, multi-band power-amplifier
module. The proposed design process represents a solution to the converged power-amplifier
architecture where a single power amplifier can operate in different modes (2G/2.5G/3G/4G). The
proposed solution would eliminate at least two power amplifiers with the associated matching
networks from the current architecture in the industry, saving board area and cost, while improving
the performance. The power amplifiers that operate in the 2G/2.5G modes are the suggested
amplifiers to be eliminated, where the proposed design process achieved higher efficiency than
what is typically offered in the industry.

The research applied a new technique of achieving high power efficiency to the handset power
amplifier industry, which is class-J. Although class-J has been implemented for high-power
applications that are suitable to base stations using FET technology, it has not been implemented
in handsets. To our knowledge, the proposed development is the first attempt to realize class-J as
a handset power amplifier.

The research extended the implementation of class-J to a new process technology which is
GaAs HBT. Class-J has been implemented using GaN HEMT, Wright, et al. [28], and GaN FET,
Rezaei, et al. [30], process technologies. To our knowledge, the proposed design process is the
first implementation of class-J utilizing the GaAs HBT process technology.

One other significance is producing a new design methodology for broadband matching
networks. The methodology is valid to any matching network design (e.g., power amplifier, low

noise amplifier...). The methodology provides an accurate impedance transformation while adding
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more degrees of freedom to the design process where the designer can determine the needed trade-
off among the out-of-band attenuation, the network loss, and the network size.

It is important to note that the implementation of the proposed design process is simpler than
the typical implementation of other techniques, such as deep class-AB or class-F. The proposed
process reduces the complexity of the matching network at the collector terminal by reducing the

required number of circuit elements.
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